
APPLIED
COMPUTATIONAL
ELECTROMAGNETICS
SOCIETY
JOURNAL

Advances in Next-Generation Antenna Systems
and Their Testing Methodologies

Guest Editors:
Xiaoming Chen, Xi’an Jiaotong University, China
Zhengbo Jiang, Southeast University, China
Yingsong Li, Anhui University, China

February 2026
Vol. 41 No. 02
ISSN 1054-4887

The ACES Journal is abstracted in INSPEC, in Engineering Index, DTIC, Science Citation Index Expanded, the
Research Alert, and to Current Contents/Engineering, Computing & Technology.

The illustrations on the front cover have been obtained from the ARC research group at the Department of
Electrical Engineering, Colorado School of Mines

Published, sold and distributed by: River Publishers, Broagervej 10, 9260 Gistrup, Denmark



THE APPLIED COMPUTATIONAL ELECTROMAGNETICS SOCIETY
http://aces-society.org

EDITORS-IN-CHIEF
Sami Barmada Atef Elsherbeni

University of Pisa, ESE Dept. Colorado School of Mines, EE Dept.
56122 Pisa, Italy Golden, CO 80401, USA

ASSOCIATE EDITORS
Giulio Antonini Marco Arjona Abd A. Arkadan

Università degli Studi dell’Aquila La Laguna Institute of Technology Colorado School of Mines, Golden
Italy Coahuila 27266, Mexico CO 80401, USA

Alireza Baghai-Wadji Santanu Behera Rui Chen
University of Cape Town National Institute of Technology Nanjing University of Science

Cape Town, 7701, South Africa Rourkela-769008, India and Technology
China

Vinh Dang Sounik Kiran Kumar Dash Alessandro Formisano
Sandia National Laboratories SRM Institute of Science and Technology Seconda Universita di Napoli

USA Chennai, India 81031 CE, Italy

Nunzia Fontana Fatih Kaburcuk Piotr Gas
University of Pisa Sivas Cumhuriyet University AGH University of Kraków
56122 Pisa, Italy Sivas, Turkey 30-059 Krakow, Poland

Mona El Helbawy Zhixiang Huang Qiuhua Huang
University of Colorado Anhui University Colorado School of Mines

Boulder, CO 80302, USA China USA

Long Li Yingsong Li Wenxing Li
Xidian University Harbin Engineering University Harbin Engineering University

Shaanxi 710071, China Harbin 150001, China Harbin 150001, China

Ibrahim Mahariq Riyadh Mansoor Maria Evelina Mognaschi
Gulf University for Science and Technology Al-Muthanna University University of Pavia

Kuwait Samawa, Al-Muthanna, Iraq Italy

Antonino Musolino Sima Noghanian Mauro Parise
University of Pisa Wafer LLC University Campus Bio-Medico of Rome
56123 Pisa, Italy Beverly, MA 01915, USA 00128 Rome, Italy

Luca Di Rienzo Daniele Romano Huseyin Savci
Politecnico di Milano Università degli Studi dell’Aquila Istanbul Medipol University
20133 Milano, Italy Italy Turkey

Stefano Selleri Sihua Shao Jiming Song
DINFO – University of Florence Colorado School of Mines Iowa State University

0139 Florence, Italy USA IA 50011, USA

Sheng Sun Francesca Venneri Steven Weiss
University of Electronic Science DIMES, Università della Calabria US Army Research Laboratory

and Technology of China Italy USA
China

Wei-Chung Weng Kaikai Xu Lei Zhao
National Chi Nan University University of Electronic Science China University of Mining
Puli, Nantou 54561, Taiwan and Technology of China and Technology, Jiangsu 221116

China China



EDITORIAL ASSISTANTS
Matthew J. Inman Shanell Lopez

University of Mississippi, EE Dept. Colorado School of Mines, EE Dept.
University, MS 38677, USA Golden, CO 80401, USA

EMERITUS EDITORS-IN-CHIEF
Duncan C. Baker Allen Glisson Ahmed Kishk

EE Dept. U. of Pretoria University of Mississippi, EE Dept. Concordia University, ECS Dept.
0002 Pretoria, South Africa University, MS 38677, USA Montreal, QC H3G 1M8, Canada

Robert M. Bevensee Ozlem Kilic David E. Stein
Box 812 Catholic University of America USAF Scientific Advisory Board

Alamo, CA 94507-0516 Washington, DC 20064, USA Washington, DC 20330, USA

EMERITUS ASSOCIATE EDITORS
Yasushi Kanai Mohamed Abouzahra Alexander Yakovlev

Niigata Inst. of Technology MIT Lincoln Laboratory University of Mississippi, EE Dept.
Kashiwazaki, Japan Lexington, MA, USA University, MS 38677, USA

Levent Gurel Sami Barmada Ozlem Kilic
Bilkent University University of Pisa, ESE Dept. Catholic University of America

Ankara, Turkey 56122 Pisa, Italy Washington, DC 20064, USA

Erdem Topsakal Alistair Duffy Fan Yang
Mississippi State University, EE Dept. De Montfort University Tsinghua University, EE Dept.

Mississippi State, MS 39762, USA Leicester, UK Beijing 100084, China

Rocco Rizzo Atif Shamim William O’Keefe Coburn
University of Pisa King Abdullah University of Science and US Army Research Laboratory
56123 Pisa, Italy Technology (KAUST) Adelphi, MD 20783, USA

Thuwal 23955, Saudi Arabia

Mohammed Hadi Amedeo Capozzoli Maokun Li
Kuwait University, EE Dept. Univerita di Naoli Federico II, DIETI Tsinghua University

Safat, Kuwait I-80125 Napoli, Italy Beijing 100084, China

Lijun Jiang Shinishiro Ohnuki Kubilay Sertel
University of Hong Kong, EEE Dept. Nihon University The Ohio State University

Hong, Kong Tokyo, Japan Columbus, OH 43210, USA

Salvatore Campione Toni Bjorninen Paolo Mezzanotte
Sandia National Laboratories Tampere University University of Perugia

Albuquerque, NM 87185, USA Tampere, 33100, Finland I-06125 Perugia, Italy

Yu Mao Wu Amin Kargar Behbahani Laila Marzall
Fudan University Florida International University University of Colorado, Boulder

Shanghai 200433, China Miami, FL 33174, USA Boulder, CO 80309, USA

Qiang Ren
Beihang University

Beijing 100191, China

EMERITUS EDITORIAL ASSISTANTS
Khaleb ElMaghoub Kyle Patel Christina Bonnigton

Trimble Navigation/MIT Colorado School of Mines, EE Dept. University of Mississippi, EE Dept.
Boston, MA 02125, USA Golden, CO 80401, USA University, MS 38677, USA

Anne Graham Madison Lee Allison Tanner
University of Mississippi, EE Dept. Colorado School of Mines, EE Dept. Colorado School of Mines, EE Dept.

University, MS 38677, USA Golen, CO 80401, USA Golden, CO 80401, USA

Mohamed Al Sharkawy
Arab Academby for Science and Technology, ECE Dept.

Alexandria, Egypt



FEBRUARY 2026 REVIEWERS

Xiaoming Chen Yingsong Li
Atef Elsherbeni Jian Liu
Zhengbo Jiang Nelson Santos



THE APPLIED COMPUTATIONAL ELECTROMAGNETICS SOCIETY JOURNAL

Vol. 41 No. 02 February 2026

TABLE OF CONTENTS

Low-Loss 16-Way Ultra-Wideband Wilkinson Power Divider
Jorge A. Caripidis Troccola, Satheesh Bojja Venkatakrishnan, Cedric W. L. Lee,
Theng Huat Gan, and John L. Volakis . . . . . . . . . . . . . . . . . . . . . . . . . . 108

A Phase Center Estimation Method for Automotive Antenna Measurements
Junhao Zheng, Xiaoming Chen, Chunxu Mao, Guan-Long Huang, Wanji Hou,
Yuchen Ma, Yuxin Ren, and Yi Huang . . . . . . . . . . . . . . . . . . . . . . . . . . 118

Experimental Assessment of a Non-Redundant Approach to Minimize Data in a
Spherical NF-FF Transformation for Offset Mounted Elongated AUTs

Francesco D’Agostino, Flaminio Ferrara, Claudio Gennarelli, Rocco Guerriero,
Massimo Migliozzi, and Luigi Pascarella . . . . . . . . . . . . . . . . . . . . . . . . 128

A Hybrid Efficient Iterative ACA-PO and Chebyshev Approximation Technique for Fast
Radiation Analysis Over a Broad Frequency Band

Junjun Wu . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . . 137

A Single-Layer Reflectarray Unit Cell with Enhanced Performance Using Dual
Concentric Split-Circle Rings

Likaa S. Yahya and Khalil H. Sayidmarie . . . . . . . . . . . . . . . . . . . . . . . . 144

A 3 dB Coupler With Defected Ground Structure for Feeds Applied to High-Power
Intelligent Metasurface

Weidong Kong, Jinyu Wang, Shixiong Deng, Qiaonan Wang, Leiqiang Ma, Biao Zhou,
Xuefeng Song, Kuang Zhang, Guohui Yang, Yang Li, and Cong Wang . . . . . . . . . . 155

Wideband Dual-Polarized Metasurface Antenna Array with High Isolation
Yue-Chen Liu, Xiaoyun Qu, Cheng Ju, and Wei-Hua Zong . . . . . . . . . . . . . . . 162

A V-Band Magnetoelectric Dipole Filtering Antenna Based on Rectangular
Micro-Coaxial Lines

Nan Wang, Ying Zhu, Jing Wang, Xinjiang Liu, Chaoyu Feng, Xinzhan Cai,
Xiaolan Zhang, Xuefeng Zhao, Wensen Wang, Guang Dai, and Jiawei Yang . . . . . . . 170

An S-Band Low-Probability Intercept Radar Antenna With Low Sidelobe Level
Zhengliang Lv, Shuai Yan, Zizhen Zheng, Yi Zeng, and Xing Wang . . . . . . . . . . . 180

© 2026, The Applied Computational Electromagnetics Society



Figures of Merit Analysis for Over-the-Air Testing of the Non-Terrestrial Network
Direct-to-Smartphone Handsets

Siyang Sun, Meijun Qu, and Zheng Liu . . . . . . . . . . . . . . . . . . . . . . . . . 186

Design of Wideband High Out-of-Band Suppression Filtering Antenna Based on
Multi-Lobe Dipole Structure

Jiangling Dou, Yinsu Yuan, Tao Shen, and Jian Song . . . . . . . . . . . . . . . . . . 194

© 2026, The Applied Computational Electromagnetics Society



Introduction to the Special Issue

Advances in Next-Generation Antenna Systems and Their Testing Methodologies

Guest Editors:

Xiaoming Chen, Xi’an Jiaotong University, China
Zhengbo Jiang, Southeast University, China
Yingsong Li, Anhui University, China

Welcome to the special issue of the Applied Computational Electromagnetics Society (ACES) Journal. This special
issue brings together a collection of state-of-the-art research findings aimed at advances in next-generation antenna
systems and their testing methods.

The special issue covers the following topics

• Microwave and millimeter-wave antenna arrays
• Reconfigurable intelligent surfaces
• Reflectarray and transmitarray
• Mutual coupling role in antenna arrays
• Antenna diagnosis and measurements methodologies
• Over-the-air tests

We’d like to also thank the Editors in Chief of ACES Journal, Professor Sami Barmadi and Professor Atef Elsherbeni
for their support. And we’d like to express our thanks to the editorial and publication team at ACES Journal for their
assistance.

© 2026, The Applied Computational Electromagnetics Society



ACES JOURNAL, Vol. 41, No. 2, February 2026 108

Low-Loss 16-Way Ultra-Wideband Wilkinson Power Divider

Jorge A. Caripidis Troccola1, Satheesh Bojja Venkatakrishnan1,
Cedric W. L. Lee2, Theng Huat Gan2, and John L. Volakis1

1Department of Electrical Engineering
Florida International University, Miami, FL, 33174, USA

jcari006@fiu.edu, sbojjave@fiu.edu, jvolakis@fiu.edu

2National University of Singapore, Singapore 117411
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Abstract – Several power divider designs exist in the
literature and are also commercially available. However,
these dividers are not wideband. In this paper, a low-loss,
ultra-wideband (UWB) 16-way power divider for UWB
applications is presented. Notably, the design employs
15 cascaded multi-stage Wilkinson power dividers with
a total of 90, 0402 package surface mounted chip resis-
tors to enable operation from 0.2 to 3.6 GHz. Remark-
ably, the fabricated prototype achieves an 18:1 input and
output impedance bandwidth with VSWR < 1.2 thanks
to an optimization approach that eliminates any additive
reflection from each of the power division stages. In
addition, the maximum insertion loss is 3 dB at the
highest frequency of operation, while the maximum
phase imbalance between output ports is 4 degrees.
The measurements show excellent agreement with the
simulations.

Index Terms – Feed network, power divider, ultra-
wideband, Wilkinson.

I. INTRODUCTION
Power dividers are essential components in RF and

microwave systems, enabling signal splitting for vari-
ous applications, including telecommunications, radar,
and wireless communication systems [1]. Their role
is to distribute signals equally or with specified ratios
across multiple pathways. Power dividers are gener-
ally classified into a few types: resistive, T-Junction,
Wilkinson, and hybrid. A typical limitation among these
dividers is their narrow bandwidth, which makes them
unsuitable for bandwidth demanding applications [2].
In modern ultra-wideband (UWB) systems, it is cru-
cial to have a power divider that can operate over a
broad range of frequencies (>2:1) while maintaining
low insertion loss [3], good port isolation, and mini-
mal phase imbalance. For instance, in the phase-array

designs presented in [4–8], a power divider with the
specified characteristics could serve as an effective
feeding network. Other practical scenarios where UWB
power dividers can be beneficial include high precision
imaging and positioning systems [9, 10].

Different designs to extend the bandwidth of power
dividers have been explored. For example, in [11], a
two-way, multilayer slotline power divider was shown
to operate from 3.1 to 10 GHz. Additionally, in [12],
a microstrip power divider using a pair of stepped-
impedance open-circuited stubs and parallel coupled
lines achieved a bandwidth ratio of 3.4:1. Moreover,
a feed network design consisting of cascaded three-
stage Wilkinson power dividers was used to feed a 16-
element phased antenna array across 5 to 30 GHz [13].
Also, in [14], an 8-way power divider with printed car-
bon ink resistors and tapered microstrip lines operated
from 0.5 to 25 GHz. While these designs increased the
operational bandwidth as compared to traditional power
dividers, there are still some shortcomings. For instance,
the designs from [11] and [12] achieved a bandwidth
ratio of only 3.4:1 and for only two output ports. The
design presented in [13] increased the number of output
ports to 16 with a bandwidth ratio of 6:1. However,
6:1 is still not large enough for some demanding UWB
applications. Lastly, the 8-way resistive power divider
from [14] achieved a bandwidth ratio of 50:1, but
suffered from an insertion loss of up to 7 dB at the
high band. With respect to [13] and [14], our proposed
design provides 3× improvement in bandwidth and a
4 dB improvement in insertion loss at higher bands,
respectively.

To concurrently achieve large bandwidth, low loss,
and high number of output ports, this paper intro-
duces a 16-way power divider that exhibits 18:1 band-
width and very low insertion loss across the frequency
band. Notably, the proposed design is structured using
a series of 15 cascaded multi-stage Wilkinson power
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dividers, each optimized for low insertion loss and high
impedance bandwidth. By incorporating a total of 90,
0402 chip resistors, the design is able to operate from
0.2 GHz to 3.6 GHz. The power divider’s input and
output impedance port matching are further optimized
to mitigate reflective losses that could otherwise accu-
mulate across the cascading stages.

The optimized architecture yields significant perfor-
mance benefits, achieving a maximum insertion loss of
only 3 dB at the highest operational frequency while
maintaining the phase imbalance between output ports
below 4 degrees. These characteristics make the pro-
posed power divider highly attractive for UWB array
feeding. A prototype was fabricated and measured to
verify the performance. The following sections present
the design methodology, implementation details, pro-
totype fabrication, and performance analysis. A 16-
port power divider achieving a bandwidth ratio greater
than 15 : 1, while maintaining low insertion loss and
minimal phase imbalance, is not commonly found in
the literature. This work contributes a novel solution
addressing these challenges within a compact and opti-
mized architecture.

II. POWER DIVIDER DESIGN AND
SIMULATION

A. Design considerations
In a traditional Wilkinson divider, the circuit splits

the input power into two equal outputs through quarter-
wave transmission line sections that transform the output
impedance back to the input impedance. For a simple
two-way divider, the impedance of each quarter wave
transformer/leg is chosen as [15]:

Z′
0 =

√
2Z0, (1)

where Z0 is the characteristic impedance of the overall
system (typically 50 Ω). This impedance transforma-
tion ensures that each output port maintains a matched
condition with respect to the input, minimizing reflec-
tions. Furthermore, a resistor connecting the two output
ports (of value 2Z0) absorbs any potential imbalances in
power or phase between the outputs, providing isolation
and preventing undesired coupling [15, 16]. Notably, a
single-stage Wilkinson power divider, while effective for
narrowband applications, cannot maintain low VSWR
and consistent performance across ultra-wideband fre-
quencies. This limitation arises due to the quarter-wave
impedance transformation only working optimally at a
specific frequency, leading to increased mismatches and
higher losses outside a narrow range.

The design of each 1-to-2 Wilkinson cell division
followed a systematic procedure to balance bandwidth
and complexity. First, the target operating band [ f1, f2]

was defined, and the center frequency was set as f0 =√
( f1 f2), with all quarter-wave lines designed to be

λg/4 at f0. To determine the minimum number of
sections, m, we began with a single quarter-wave section
and evaluated the simulated return loss across the band.
If the response did not meet the expected return-loss
target (≥ 10–15 dB), more λg/4 sections were added.
The smallest m value that satisfied the set specification
was selected to minimize both insertion loss and layout
complexity.

For a single-section divider, the quarter-wave
impedance per branch was set to Z′ =

√
2Z0 with a

single isolation resistor of R = 2Z0 placed between the
output ports. For the multi-section designs, a progres-
sion of impedances (Z1,Z2, . . . ,Zm) were employed to
realize the gradual transformation from Z0 to 2Z0. Cor-
respondingly, multiple resistors were distributed along
the arms such that their combined effect maintained
approximately 2Z0 isolation at the design frequency.
This distribution provided a flatter isolation response
across the wideband range as compared to using a single
lumped resistor.

Each impedance value was then translated
into physical microstrip dimensions using standard
microstrip equations. To further suppress parasitic
reflections, adjacent sections were connected using short
linear tapers rather than abrupt width steps. The final
optimization values were performed through circuit
simulations to ensure that the bandwidth, insertion loss,
return loss, and isolation targets were simultaneously
achieved.

To overcome bandwidth limitations, a multi-stage
Wilkinson power divider design is adopted. The pro-
posed design uses a six-stage (meaning each cell
includes six resistors) Wilkinson divider structure within
each of the 15 cascaded cells. This approach divides
the power sequentially in steps, achieving incremental
impedance transformations that enable the divider to
achieve large bandwidths. The layout of the proposed
divider is shown in Fig. 1.

Fig. 1. Layout of the proposed 16-way power divider.
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B. Geometry optimization for UWB performance
In the initial design phase of the 16-way power

divider, we followed a modular approach that consisted
in creating a single six-stage, two-way Wilkinson power
divider unit cell able to operate from 0.2 to 3.6 GHz.
These identical unit cells were then cascaded in a
sequential manner, ultimately obtaining 16 outputs, by
continuously splitting the signal in stages, as shown in
Fig. 2.

However, this approach encountered significant
challenges in a practical implementation, as evidenced
by the input VSWR shown in Fig. 2. Specifically,
the input VSWR plot reveals a resonance at 0.6 GHz
and many more higher frequency resonances, which
degraded the input matching significantly across the
band. These resonances were caused by cumulative
reflections that emerged due to the repeated cascad-
ing of identical unit cells. These mismatches added
to one another at certain frequencies where the phase
alignment of reflected signals reinforced each other. As
these reflections compounded, they introduced strong
resonances within the VSWR, ultimately compromising
the bandwidth and performance of the divider.

Fig. 2. Details of modular design with identical unit cells
and VSWR performance. Cumulative reflection creates
resonance at 0.6 GHz and its corresponding harmonics.

To address the resonances, we implemented a geom-
etry optimization process for each stage of the divider.
Rather than using identical unit cells, we optimized
several design parameters for each individual power
splitting section within the division stages, creating four
unique modules represented by colors in Fig. 3. This
careful adjustment provided a unique impedance trans-
formation for each stage, breaking the repetitive pattern
that had previously led to resonances. The schematic
of the design’s modules is shown in Fig. 4, with the
component values and dimensions detailed in Tables 1
through 5.

Fig. 3. Optimized design layout and VSWR perfor-
mance of 16-way power divider operating from 0.2 to
3.6 GHz. Each stage of the power division, represented
by different colored modules, is composed of a series of
unique, optimized, two-way, six-stage Wilkinson power
dividers. Any cumulative reflection is eliminated.

In the optimization process, multiple design param-
eters were strategically selected. The width and length
of each line segment were calculated to maintain
impedance matching across the operating band. In addi-
tion, gradual tapering in certain transmission line sec-
tions was introduced to facilitate smooth impedance
transitions. This technique minimized abrupt impedance
changes between sections, reducing reflection and
enhancing bandwidth. Furthermore, the values of the
0402 chip resistors were optimized at each stage to
absorb any imbalances and provide effective isolation
between adjacent outputs. The resistors prevent inter-
port coupling by dissipating unwanted signals, ensuring
isolation as well as phase stability across the wide
bandwidth. Moreover, the distance between consecu-
tive sections was also adjusted to reduce coupling and
minimize reflections. Importantly, each section of the
power divider was meandered in order to reduce the
size of the structure, as depicted in Fig. 4. Overall, the
meticulous optimization created a distinct impedance
transformation at each stage, effectively disrupting the
repetitive structural pattern and eliminating cumulative
reflections that had previously led to resonances.

C. Simulations
Simulations of the optimized design from Fig. 3

are shown in Fig. 5. A two-step optimization process
was applied to refine the divider design. The first,
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Table 1: Two step optimization process

Parameter Category Initial Values (Through Derivation) Constraints in Optimization
Transmission line widths Calculated from closed-form microstrip

equations for each impedance ZK

Limited by available substrates and
manufacturing pitch (min trace width
≥ 5 mil)

Transmission line lengths Set to λg/4 at center frequency f0 Tuned within ±15% during circuit
optimization

Isolation resistors Set to R = 2Zo (single-section), and
distributed for multi-section arms

Adjusted within ±15% during circuit
optimization

Number of sections per arm Determined by return-loss target
(≥ 10–15 dB)

Limited to ≤ 8 to minimize
complexity

Cascading strategy Initially, identical 1-to-2 cells. Further
optimized based on their dependence to
previous stages

Fixed 16-way network topology

Table 2: Microstrip transmission lines dimensions

Components Module 1 Module 2 Module 3 Module 4
W (mm) L (mm) W (mm) L (mm) W (mm) L (mm) W (mm) L (mm)

MTL1 1.69 117.22 0.87 1.80 1.13 0.78 2.05 0.76
MTL2 0.54 2.94 0.28 5.80 0.36 4.26 0.65 2.25
MTL3 0.54 0.31 0.28 2.58 0.36 1.10 0.65 0.31
MTL4 0.54 1.69 0.28 1.97 0.33 1.86 0.65 1.01
MTL5 0.48 0.30 0.30 1.80 0.53 0.67 0.31 0.67
MTL6 0.48 0.30 0.30 0.32 0.53 0.67 0.31 0.67
MTL7 0.48 1.58 0.46 1.89 0.53 1.74 0.31 0.95
MTL8 0.75 0.31 0.47 0.58 0.71 1.04 0.78 1.33
MTL9 0.75 0.31 0.47 0.90 0.71 1.66 0.78 0.92
MTL10 0.75 1.58 0.47 1.90 0.87 7.33 0.85 1.14
MTL11 0.59 1.58 0.47 1.90 0.87 7.27 0.85 0.95
MTL12 0.59 0.73 0.46 1.77 0.87 1.56 0.85 0.87
MTL13 0.59 1.54 0.46 1.77 0.87 1.56 0.85 0.87
MTL14 0.82 2.30 0.71 7.46 1.12 3.82 1.00 1.04
MTL15 0.82 1.58 0.71 1.68 1.12 3.92 1.00 2.20
MTL16 0.82 1.58 0.71 1.68 1.12 3.92 1.00 2.20
MTL17 0.55 0.73 0.53 1.58 0.71 0.66 1.19 3.20
MTL18 0.55 0.73 0.53 0.63 0.71 0.66 1.19 3.20
MTL19 0.55 0.83 0.53 1.58 0.71 0.66 1.19 3.20
MTL20 0.87 0.38 1.13 2.05 0.30 1.43 0.30 1.43

Table 3: Microstrip T-Junction dimensions

Components Module 1 (mm) Module 2 (mm) Module 3 (mm) Module 4 (mm)
W1 W2 W3 W1 W2 W3 W1 W2 W3 W1 W2 W3

MTJ1 0.54 0.54 1.69 0.28 0.28 0.87 0.36 1.13 0.65 0.65 2.05 0.85
MTJ2 0.54 0.48 0.54 0.28 0.30 0.28 0.53 0.41 0.65 0.67 0.65 0.65
MTJ3 0.48 0.75 0.48 0.30 0.47 0.48 0.71 0.53 0.67 0.78 0.67 0.67
MTJ4 0.75 0.59 0.75 0.47 0.46 0.47 0.87 0.71 0.85 0.85 0.78 0.85
MTJ5 0.59 0.82 0.59 0.46 0.71 0.46 1.12 0.87 1.00 1.00 0.85 1.00
MTJ6 0.82 0.55 0.82 0.71 0.89 0.71 1.12 1.12 1.00 1.19 1.00 1.19
MTJ7 0.55 1.24 0.55 0.89 1.24 0.89 1.53 1.24 1.19 1.43 1.19 1.19
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Table 4: Curved microstrip transmission lines dimensions

Components Module 1 (mm) Module 2 (mm) Module 3 (mm) Module 4 (mm)
W ∠ (◦) R W ∠ (◦) R W ∠ (◦) R W ∠ (◦) R

MC1 0.54 180 1.51 0.28 180 2.16 0.36 180 5.08 25.56 180 4.17
MC2 0.54 90 1.27 0.28 90 1.27 0.36 90 1.36 25.56 90 1.37
MC3 0.48 90 1.27 0.30 90 1.27 0.53 90 1.36 26.40 90 1.37
MC4 0.48 180 1.51 0.30 180 2.16 0.53 180 5.08 26.40 180 4.17
MC5 0.48 90 1.27 0.30 90 1.27 0.53 90 1.36 30.58 90 1.37
MC6 0.75 90 1.27 0.47 90 1.27 0.71 90 1.36 30.58 90 1.37
MC7 0.75 180 1.51 0.47 180 2.16 0.71 180 5.08 30.58 180 4.17
MC8 0.75 90 1.27 0.47 90 1.27 0.71 90 1.36 33.51 90 2.71
MC9 0.59 90 1.35 0.46 90 1.28 0.87 90 1.27 33.51 90 2.71

MC10 0.59 180 1.51 0.46 180 1.27 0.87 180 2.84 39.53 180 3.77
MC11 0.59 90 1.27 0.46 90 1.28 0.87 90 1.27 39.53 90 3.77
MC12 0.59 90 1.27 0.71 90 1.28 1.12 90 1.27 39.53 90 3.77
MC13 0.82 180 1.27 0.71 180 1.43 1.12 180 2.84 46.77 180 3.77
MC14 0.82 90 1.27 0.71 90 1.27 1.12 90 1.27 46.77 90 3.77
MC15 0.55 90 1.27 0.89 90 1.28 1.53 90 1.27 46.77 90 3.77
MC16 0.55 180 1.27 0.89 180 1.43 1.53 180 2.84 56.14 180 3.77
MC17 0.55 90 1.27 0.89 90 1.28 1.53 90 1.27 56.14 90 3.77
MC18 2.33 90 1.27 1.24 90 1.28 1.24 90 1.27 56.14 90 3.77

Table 5: Tapered microstrip transmission lines dimensions

Components Module 1 (mm) Module 2 (mm) Module 3 (mm) Module 4 (mm)
W1 W2 L W1 W2 L W1 W2 L W1 W2 L

MTP1 0.55 0.87 0.32 1.24 1.13 0.31 0.54 2.05 0.31 1.43 1.69 1.57

Table 6: 0402 resistor values

Components Module 1 Module 2 Module 3 Module 4
Resistance (Ω) Resistance (Ω) Resistance (Ω) Resistance (Ω)

R1 150.00 150.00 150.00 261.00
R2 261.00 154.00 180.00 300.00
R3 300.00 267.00 242.00 300.00
R4 348.00 294.00 348.00 348.00
R5 300.00 300.00 300.00 300.00
R6 300.00 300.00 100.00 300.00

circuit-level simulations were performed in Keysight’s
ADS, where the cascaded 1-to-2 Wilkinson cells were
optimized based on the starting values described in
section II, part B. The optimization was carried out in
a sequential manner, with each subsequent cell tuned
while accounting for the response of the preceding stage.
In this manner, no two cells remained identical in the
final implementation. The latter was key to suppressing
cumulative impedance mismatches and potential reso-
nances.

Once the complete 16-way structure was finalized
at the circuit level, the layout was transferred into Ansys
HFSS for full-wave electromagnetic simulation. This
final validation ensured that electromagnetic coupling,
discontinuities, and higher-order effects were properly

captured. The initial design parameters used in the opti-
mization process were not arbitrarily selected but were
derived from the synthesis procedure outlined in section
II, part B (resistor selection, microstrip line width/length
calculation, taper calculation, etc.). Table 1 summarizes
the key parameter categories and the constraints applied
during optimization.

As shown in Fig. 5, the design operates from
0.20 to 3.6 GHz and demonstrates an impressive 18:1
bandwidth with an input VSWR < 1.5 and an output
VSWR < 1.8. Furthermore, the design achieves an
insertion loss of only 2 dB higher than that of an ideal
16-way power divider. Additionally, the port isolation
is excellent, except for neighboring ports, where the
isolation is ≈ 10 dB.
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Fig. 4. Top to bottom: Power divider module schematic
and Module 4 sample layout (notice meandering and
tapering).

Fig. 5. Simulated input VSWR, output VSWR, insertion
loss, and port isolation of the optimized, modular design
from Fig. 3.

III. PROTOTYPE FABRICATION AND
MEASUREMENTS

A. Fabricated prototype
A prototype of the optimized, 16-way Wilkinson

power divider from Fig. 3 was fabricated on a Rogers
4350B substrate [17]. The substrate was selected for its
suitable dielectric properties in high-frequency applica-
tions, featuring a relative permittivity of εr = 3.66, a loss
tangent tanδ = 0.0037, and a total thickness of 0.76 mm.

The fabrication process involved the precise place-
ment of 90 surface-mounted resistors in 0402 packages.
Specifically, the 0402 resistor package size was chosen
to be in compliance with the microstrip trace size.
An automated pick-and-place machine was employed

Fig. 6. Details of the fabricated 16-way power divider
prototype.

to position the resistors, ensuring consistent alignment
and reliable electrical contact. Notably, these resistors
played a critical role in isolating output ports to maintain
uniform performance across the broad bandwidth. For
measurements, 17 SMA connectors were hand-soldered
to the prototype. One connector was placed at the input
port and 16 at the output ports. The fabricated prototype
is shown in Fig. 6.

Notably, resistor tolerances and placement errors
can introduce measurable amplitude and phase imbal-
ances in power dividers, particularly in Wilkinson con-
figurations. These variations were modeled and consid-
ered in our circuit-level and full wave electromagnetic
simulation. Specifically, the deviations in values were
imported from the datasheets of commercially available
0402 resistors. For example, a ±5% tolerance in the
isolation resistor can lead to amplitude imbalances of
up to ±0.4 dB and phase errors approaching ±5◦[18],
especially near the upper end of the operating frequency
range. Placement inaccuracies, such as a 0.2 mm shift in
resistor location or misalignment in microstrip geome-
try, can further increase mismatch, leading to degraded
return loss and isolation performance. Simulations show
that a shift of 0.2 mm in resistor placement within
the transmission line can result in an increase of the
insertion loss by 0.85 dB across the design frequency
range.

Further, dielectric substrates used in microstrip cir-
cuits, such as FR4, Rogers 4350, and alumina (Al2O3),
also impose power limitations governed by their ther-
mal conductivity and dielectric breakdown thresholds.
Standard substrates like FR4 and Ro4350 can only
handle a few watts due to poor thermal dissipation,
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while advanced ceramics such as alumina and aluminum
nitride (AlN) can support power levels approaching 1–
2 kW when paired with wide transmission lines and
effective heat sinking. Nevertheless, MW-level power
handling remains beyond the scope of microstrip tech-
nology and instead requires waveguide-based archi-
tectures, vacuum electron devices, and metal-ceramic
structures.

B. Measurements
The performance of the fabricated 16-way Wilkin-

son power divider was measured using an E5071C ENA
Vector Network Analyzer (VNA). The VNA measure-
ments focused on evaluating several critical performance
metrics, including port VSWR, insertion loss, isolation
between output ports, and phase imbalance across the
output ports. These measurements are plotted vs simula-
tions in Fig. 7.

For the VSWR measurements, both input and out-
put ports were evaluated to ensure impedance match-
ing across the intended frequency range. As seen in
Fig. 7, the measured input VSWR matches simula-
tions, whereas the measured output VSWR is better
than expected, verifying UWB operation from 0.2 to
3.6 GHz. In addition, the insertion loss was measured
at every output port to assess the divider’s efficiency
in power distribution. Measurements of the insertion
loss show good agreement with simulations. However,
a slight drop in performance is seen as the frequency
increases, where measurements exhibit an extra 1–2 dB
of loss on average as compared to the simulations. This
could be due to ohmic losses being more prevalent at
high frequencies.

At upper bands, insertion loss in power dividers
and similar RF structures often exceeds expected values
based on ohmic losses alone. While conductor (ohmic)
loss due to skin effect increases with frequency, its
contribution is usually limited to ≈ 0.2–0.5 dB/inch on
standard copper microstrip lines [19]. However, con-
ductor surface roughness becomes a major contributor
at these frequencies. For example, rough copper with
RMS height ≈ 2µm can increase effective resistance by
10-20 %, leading to additional losses of 0.5–1 dB/inch.
Similarly, dielectric losses contribute meaningfully; for
instance, Rogers RO4350B (tanδ = 0.0037 at 10 GHz)
can cause 0.1–0.3 dB/inch loss [17], and material
variability or temperature-induced dielectric drift can
introduce further imbalance and phase error. Moreover,
connector transitions and launch structures (e.g., SMA
to microstrip) can add another 0.3—0.7 dB per interface
due to imperfect impedance matching and ground conti-
nuity [20].

Still, the overall worst-case measured insertion loss
is only 3 dB higher than the expected ideal 16-way

Fig. 7. Measured input VSWR, output VSWR, inser-
tion loss, port isolation, and phase imbalance of the
fabricated prototype from Fig. 6. Measured results are
depicted in solid lines, while dotted lines present the
simulation data.
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power divider. To examine isolation between ports, mea-
surements were taken across various port combinations.
These included both neighboring ports and those spaced
farther apart. As displayed in the isolation plots, mea-
sured curves show a slightly better performance across
the whole band of operation, with the lowest isolation
between neighboring ports being ≈15 dB. Finally, phase
imbalances across the output ports were measured by
assessing multiple port combinations. Both adjacent
and distant port pairs were analyzed to determine the
uniformity of the phase distribution. As seen from the
plot, a maximum phase imbalance of 4 degrees was
measured. We observed similar phase imbalance in all
ports. This imbalance is well within acceptable limits,
validating the divider’s effectiveness in achieving stable
phase performance across all output ports.

IV. CONCLUSION AND REMARKS
This work demonstrated the design, fabrication,

and validation of a 16-way ultra-wideband Wilkinson
power divider. The paper addressed the challenges of
achieving a large number of ports for antenna array
feeding across a wideband performance. Its wide band-
width offers a clear potential for next-generation phased
arrays and broadband RF systems, where uniform power
distribution is essential. While the cascaded multi-stage
approach was effective, some practical issues were
observed, including sensitivity to resistor tolerances,
complexity of the layout, and unoptimized power han-
dling capability. These issues may restrict scalability
and high-power operation. Future efforts could explore
architecture simplification to enhance power handling
as well as extend the concept to millimeter-wave fre-
quencies and reconfigurable environments. Overall, the
results establish a strong foundation for compact, wide-
band power division networks that can support the
evolving demands of modern communication and sens-
ing technologies.
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Abstract – This paper presents a blind phase center esti-
mation method for hemispherical near-field automotive
antenna tests. The previous method only satisfies the less
edge-scattering affected conditions, whose phase center
estimation stability and accuracy are not satisfactory.
While, the newly proposed method utilizes image theory
as filtering process to characterize the electric fields with
reduced edge-scattering effects, and the phase center is
more accurately derived by the local searching strategy
combined with a fast least-squares-based method along
the x-, y- and z-axis. Correspondingly, the improvement
of the calibrated pattern is significant. The simulation
and measurement results both demonstrate the superior-
ity of the proposed method with less time cost and better
accuracy for different types of automotive antennas than
the previous method. More importantly, the proposed
method does not need to distinguish the edge-scattering-
affected condition and non-edge-scatteringaffected con-
dition, which will lead to an easy work for estimating

the phase center and ensure the accuracy of the pattern
offset calibration.

Index Terms – Blind phase center estimation, cali-
bration for displaced antenna, edge-scattering reduction,
field projection, spatial convolution-deconvolution.

I. INTRODUCTION
The spherical near-field measurement is widely

used in characterizing the far-field pattern and rele-
vant radiation parameters [1–3]. However, the issue of
the measurement misalignment of the antenna under
test (AUT) usually causes significant deviations for the
derived far-field pattern [4–10]. This is especially true
for automotive antenna tests [11], where the actual posi-
tion of the AUT may not be known. Besides, accurate
pattern measurements are critical to engineering appli-
cations of automotive wireless communications [12],
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electromagnetic compatibility tests, and the multiplex-
ing performance based on the electronic control unit
level [13]. What is more, the edge-scattering interference
of, e.g., the automotive roof and lifting platform, can
also lead to the inaccuracy of the near-field test [14–16].
Consequently, it is necessary to find an effective method
to estimate the phase center with less edge-scattering to
enable accurate pattern calibration.

Regarding the edge-scattering effect, the authors
in [15] used virtual vertices and image theory to elimi-
nate the numerical errors caused by the boundary edges.
The research in [16] pointed out the feasibility of using
the mode expansion theory to reduce the edge-scattering
effect to improve the accuracy of the near-to-far-field
transformation (NFT) pattern. As for the phase center
study, the conventional method in [17] used the mini-
mum phase variation and the far-field analysis based on
known antenna structures to determine the phase center,
which can now be realized by full-wave simulation
when the AUT is constructed in the software. Refer-
ence [18] discussed feasible phase center calculation
methods for the planar near-field measurement, which
provide some useful explorations for spherical phase
center estimation. Reference [19] used the path length
and probe-pattern-based method to calibrate the far-field
displacement.

In this work, an improved antenna calibration
method with fewer truncation errors and less time cost is
proposed. Specifically, the method uses spherical mode
characteristics to reduce the edge-scattering effect for
the near-field automotive antenna test [20], and a fast
least-squares-based method is combined with a local
searching strategy to swiftly obtain the phase center
estimation, leading to an accurate far-field result.

II. THEORY
A. Image-theory-based mode expansion analysis

The automotive antenna is mounted on the automo-
tive roof, which is a finite plane with finite thickness.
Thus, the current on the automotive roof edge will expe-
rience a scattering effect, making it difficult to accurately
estimate the phase center. To solve this problem, the
image theory and edge filtering are given as follows: The
hemispherical wave expansion of the near-field can be
expressed as [1]

E(r,θ ,ϕ) =
N

∑
n=1

n

∑
m=−n

{amnMmn(r,θ ,ϕ)

+bmnNmn(r,θ ,ϕ)}, (1)

where amn and bmn are the spherical wave expansion
coefficients, Mmn and Nmn are the spherical wave
generating functions. According to the image theory,

the hemispherical near-field can be calculated by the
superimposition of the direct and the image field as

Er,2(r,θ ,ϕ) = Er(r,θ ,ϕ)−Er,1(r,π −θ ,ϕ)

Eθ ,2(r,θ ,ϕ) = Eθ (r,θ ,ϕ)+Eθ ,1(r,π −θ ,ϕ)

Eϕ,2(r,θ ,ϕ) = Eϕ(r,θ ,ϕ)−Eϕ,1(r,π −θ ,ϕ)

, (2)

where Er,θ ,ϕ is the component of E in equation (1),
Er,θ ,ϕ,1 is the image component, and Er,θ ,ϕ,2 is the
image-processed near-field. Besides, the generating
function P|m|

n (cosθ) of Mmn and Nmn is odd when the
sum of n order and |m| degree is odd, and becomes even
when n + |m| is even. Correspondingly, the derivative
dP|m|

n (cosθ)/dθ of Mmn and Nmn is even (or odd) when
n+ |m| is odd (or even). Based on these characteristics,
the spherical wave coefficients amn and bmn of equa-
tion (2) can be represented as [16]

a′mn =

{
2amn |m|+n is even

0 |m|+n is odd

b′mn =

{
0 |m|+n is even

2bmn |m|+n is odd

. (3)

The boundary condition for θ = π/2 in this situ-
ation will satisfy P|m|

n (cosθ) = 0 when n+ |m| is odd
and dP|m|

n (cosθ)/dθ = 0 when n+ |m| is even, which
will effectively reduce the edge-scattering effect for the
hemispherical near-field test [16]. By substituting the
new coefficients a′mn and b′mn into equation (1) and using
the boundary condition for θ = π/2, the reprocessed
automotive near-field Er,θ ,ϕ,2 will be more accurate for
the phase center estimation and subsequent NFT pattern
calibration.

B. Improved phase center estimation
A least-squares-based fast phase center estimation

method [21] is used to approximately estimate the initial
phase center Oi. Then, a local searching strategy is
chosen to find the phase center along the positive and
negative axes in x,y and z directions starting from Oi.
The searching range is set as ±∆H, and the phase center
Op corresponding to the minimum phase difference can
be found within ±∆H, that is: if Op lies in the endpoint
of ±∆H,±∆H will be expanded as ±t∆H, t = 2,3 . . .
until Op is not at the endpoint of the searching range, and
the local minimum point within ±t∆H will correspond
to the Op. The specific method of searching Op follows.

As shown in Fig. 1, the hemispherical near-field
data is sampled on Sr, where the measurement center
is O0 and the radius is r0. The phase center of the
automotive antenna is Op, which is usually different
from O0 due in practical automotive measurement setup.
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The deviation projection of Op onto the coordinate
system of the aperture plane S0, whose plane center is
O0 (the same as Sr), is (dx,dy,dz) or dx,y,z for short. Thus,
the displacement of dx,y,z can be compensated when the
phase center Op is determined.

Fig. 1. Parameters of the hemispherical automotive
antenna test.

Since the data on Sr can be projected onto the three
planes along the x,y and z axes, the z-axis projection is
selected as an example to illustrate the estimation of Op.
A plane S1, which is tangent to Sr, is chosen with lengths
of Lx and Ly to project near-field data, and the maximum

projection angle θmax = arctan(
√
(L2

x +L2
y)/2/d1) is

determined, where d1 = r0. The projection from Sr to S1
includes the electric field transformation and coordinate
transformation, which can be expressed as

Ex = I(Er,2 sinθ cosϕ +Eθ ,2 cosθ cosϕ −Eϕ,2 sinϕ)

×e− jk0∆d

Ey = I(Er,2 sinθ sinϕ +Eθ ,2 cosθ sinϕ +Eϕ,2 cosϕ)

×e− jk0∆d

Ez = I
(
Er,2 cosθ −Eθ ,2 sinθ

)
e− jk0∆d

,
(4)


xn = d1 tan(θn)cosϕn

yn = d1 tan(θn)sinϕn

∆d =
√

x2
n + y2

n +d2
1 − r0

, (5)

where Er,θ ,ϕ,2 is the reprocessed image near-fields on Sr
in equation (2), Ex,y,z is the projected fields on S1, k0 is
the wavelength of frequency f0,∆d is the propagating
distance, xn and yn are the nth sampling position on
S1,θn and ϕn are the nth sampling position on Sr. I =

sinθp = d1/
√

x2
n + y2

n +d2
1 transfers the oblique incident

wave from Sr into the vertical wave on S1, as shown in
Fig. 1.

The spatial convolution-deconvolution method, as
described in [22], is used to backwardly and forwardly

derive the near-field and far field, respectively

E1(x1,y1) = F−1[F [E0(x0,y0)]⊙F [g(x1,y1)]], (6)

E0(x0,y0) = F−1[F [E1(x1,y1)]⊘F [g(x1,y1)]], (7)

where g is the Green function, ⊙ and ⊘ are the entry-
wise multiplication and division between the pattern
matrices, F and F−1 are the Fourier and inverse
Fourier transformations, E0 and E1 are the electric
fields on planes S0 and S1,(x0,y0) and (x1,y1) are the
coordinates on S0 and S1.

By combining equations (1)–(7), the phase center
estimation processes of Op can be summarized as fol-
lows:

1. The image-processed near-fields Er,θ ,ϕ,2 on Sr
are obtained by equations (1)–(3), and the least-
squaresbased method is used to estimate the initial
phase center Oi, based on which the desired Op will
be found within ±t∆H, t = 1,2,3 . . .. Then Er,θ ,ϕ,2
are projected onto S1 as E1 using equations (4)–
(5). The aperture near-field E0 on S0 is obtained by
equation (7) from E1 on S1, and an extrapolation
distance ∆d1 is selected away from S1 (as shown
in Fig. 1), where ∆d1 lies in the range of ±t∆H,
t = 1,2,3 . . ..

2. Equation (6) is used to convolute E0 with distance
∆d1 to derive E′

0 on S′0. Meanwhile, two close far-
field planes Sn and Sn+1 corresponding to distances
dn and dn+1 are chosen and fixed.

3. E′
0 is convoluted by equation (6) to obtain the two far

fields En and En+1 on the two planes Sn and Sn+1,
and the sum of the planar phase differences between
En and En+1 are calculated as Dn,n+1 =∑ |Pn−Pn+1|,
where Pn and Pn+1 are the phases of En and En+1.

4. Changing the value of ∆d1 and reperforming steps
two and three, different phase differences D′

n,n+1
between different Pn and Pn+1 (notably, dn and dn+1
keep unchanged) are obtained. After multiple groups
of iterations, the minimum value of D′

n,n+1 is found.
Notably, the minimum value of D′

n,n+1 is derived
from the sum of the two spherical phase differences,
and the phase center corresponds to the radiating
center with minimum phase difference. Therefore, the
minimum D′

n,n+1 corresponds to the minimum phase
center, i.e., the phase center. Then the corresponding
∆d1 is the optimal phase center along the z axis, which
is noted as dz = ∆d1.

5. Subsequently, the x-axis and y-axis phase center esti-
mations can be realized by projecting the near-field
data of Sr onto the planes along the x and y axes,
and the phase centers Op = (dx,dy,dz) can be finally
determined.
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C. Pattern offset calibration
Once the phase center is determined following

the above procedures, pattern offset calibration can be
readily conducted as follows. Since the samples on
Sr have two coordinates of (r1,θ1,ϕ1) and (r2,θ2,ϕ2)
corresponding to O0 and Op, the compensated NFT
pattern can be expressed as ENFT ∆C1∆C2, where ∆C1 =
r2/r1,∆C2 = e− jk0∆p,∆p = r1 − r2 [19]. The compen-
sated pattern is in the coordinates of (r2,θ2,ϕ2), and
should be projected into the coordinates of (r1,θ1,ϕ1)
to match the measurement origin O0.

III. SIMULATION AND MEASUREMENT
RESULTS

A. Simulation
The automotive model with a monopole antenna is

simulated by FEKO software and the geometrical center
of the monopole antenna is fixed at (0 m,1.5 m,1.5 m)
to simulate the near-field phase center deviation, as
shown in Fig. 2, where the frequency f0 is 3 GHz,
the measured near-field radius r0 is 60λ0, the sampling
ranges are θ = (0◦ ∼ 120◦) and ϕ = (0◦ ∼ 360◦), and
the sampling intervals are ∆θ = ∆ϕ = 1◦. Besides, the
projection angle θmax is 80◦, and the projection interval
on S1 is ∆L = 0.4λ0. The maximum searching range
along the x,y and z axes is limited within 2 m (i.e., less
than r0).

The previous global phase center searching method
without edge-scattering reduction in [23] is firstly used
to obtain the estimated phase center result to make
comparisons with the newly proposed method, as shown
in Fig. 3 (a), where the red, green and blue curves
are the phase centers varied in different plane positions
with a searching step of 0.1 m along the x, y and z
axes, and the estimated phase center is denoted as O′′

p =
(0 m,1.1 m,1.6 m). Next, the initial phase center is first
determined as Oi = (0.2 m,2.4 m,1.2 m). The range
±∆H is set as ±0.5 m. Notably, the simulated edge-
scattering effect is mainly contributed by the automotive
roof and bottom enclosed within the range of θ =
(0◦ ∼ 120◦). The variations of the phase differences
Dn,n+1 calculated by the proposed method under the
local searching strategy are shown in Figs. 3 (b)–(d),
where the red, green and blue curves are the phase
centers varied along the x, y and z axes, respectively.
Therefore, the phase center is determined as Op =
(0.1 m,1.3 m,1.6 m) (marked as asterisks in Fig. 3).
Besides, the theoretical phase center calculated by
the classical method in [17] is presented as O′

p =
(0 m,1.4 m,1.2 m). Then, the estimated phase centers
Op and O′′

p are compared with O′
p and summarized in

Table 1.
After the phase centers are acquired, the next step is

to calibrate the displacement between the real center O0

and the virtual center Op (and O′′
p). Therefore, by using

the proposed calibration method and the method in [23],
the theoretical and compensated NFT patterns in ϕ = 0◦

and ϕ = 90◦ are shown in Fig. 4, where the red, yellow,
black and blue curves are the theoretical pattern derived
from FEKO, uncalibrated NFT pattern, calibrated NFT
pattern by [23], calibrated NFT pattern by the proposed
method, respectively. Besides, the purple, grey and green
curves are the errors between red and yellow curves,
errors between red and black curves, errors between red
and blue curves.

Fig. 2. Automotive model mounted with a monopole
antenna.

Fig. 3. Variations of Dn,n+1 for (a) global searching
strategy in [23], and local searching strategy along the
(b) x-, (c) y - and (d) z-axis.

Table 1: Simulated phase centers and error comparisons
(unit: meter)

Axis Op O′
p O′′

p |Op−O′
p| |O′

p−O′′
p|

x 0.1 0.0 0.0 1λ0 0λ0

y 1.4 1.4 1.1 0λ0 3λ0

Z 1.6 1.2 1.6 4λ0 4λ0

B. Measurement
A monopole antenna working at f0 = 3 GHz with

the main lobe lying in the x0O0y0 plane is chosen to
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(a) (b)

(c) (d)

Fig. 4. Comparisons of the simulated patterns in (a) ϕ =
0◦ and (b) ϕ = 90◦, and pattern errors in (c) ϕ = 0◦ and
(d) ϕ = 90◦.

Fig. 5. Near-field measurement setup of a monopole
antenna.

imitate the radiation of the automotive antenna, whose
geometrical center is fixed at (3 m,0 m,0 m) to rep-
resent the near-field phase center deviation, and the
measurement setups are shown in Fig. 5. The spherical
near-field radius r0 is 6.8 m, the sampling ranges are
θ = (0◦ ∼ 120◦) and ϕ = (0◦ ∼ 360◦), and the sampling
intervals are ∆θ = ∆ϕ = 1◦. The projection angle and
interval on S1 are θmax = 80◦ and ∆L = 0.4λ0. The
maximum searching ranges along the x,y and z axes
is limited within 5 m (i.e., less than r0 ). The results
of the previous global phase center searching method
in [23] are shown in Fig. 6 (a), where the step is 0.1 m
and O′′

p = (3.5 m,0.4 m,0.4 m). Then the initial phase
center is determined as Oi = (3.7 m,1.3 m,0.6 m). The
range of ±∆H is set as ±0.5 m. The phase difference
Dn,n+1 is shown in Figs. 6 (b)–(d), where the interval of
the abscissa is 0.1 m, the maximum searching range is
limited within 5 m, and the phase center is determined as
Op = (3.7 m,0.1 m,0 m). While the actual phase center
is O′

p = (3 m,0 m,0 m), and the corresponding esti-
mated errors are summarized in Table 2. Then, the cal-
ibrated NFT patterns after the probe compensation [18]
and their pattern errors are given in Fig. 7.

Fig. 6. Variations of Dn,n+1 for (a) global searching
strategy in [23], and the local searching strategy along
(b) x-, (c) y- and (d) z-axis.

Table 2: Measured phase centers and error comparisons
(unit: meters)

Axis Op O′
p O′′

p |Op−O′
p| |O′

p−O′′
p|

x 3.7 3.0 3.5 7λ0 5λ0

y 0.1 0.0 0.4 1λ0 4λ0

z 0.0 0.0 0.4 0λ0 4λ0

(a) (b)

(c) (d)

Fig. 7. Comparisons of the measured patterns in (a) ϕ =
0◦ and (b) ϕ = 90◦, and pattern errors in (c) ϕ = 0◦ and
(d) ϕ = 90◦.

C. Discussions
C.1. Relative errors

In order to more accurately analyze the superiority
of the proposed method, the calculation of the relative
errors in Figs. 4 (a)–(d) and Figs. 7 (a)–(d) is given
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below

Q =
∑

θr
−θr

|Eer(θ ,ϕ)|2

∑
θr
−θr

|Ec(θ ,ϕ)|2
, (8)

where Ec is the red curve without displacement in
Figs. 4 (a), (b) or Figs. 7 (a), (b), Eer is the error curve
(purple, grey or green curves) in Figs. 4 (c), (d) or
Figs. 7 (c), (d). θr is the reliable region of the spherical
near-field test in elevation range, which is calculated
by [24] as 101◦ and 117◦ for Fig. 4 and Fig. 7 (pink
curve), respectively. Therefore, the calculated relative
errors are given in Table 3. Notably, since the method
in [23] is only available for the model with a small phase
center offset and a small automotive roof, which leads
to less edge-scattering effect, the performance of the
method in [23] deteriorates under the current monopole
testing case in Table 3. While this does not influence the
usefulness of [23] for the normal phase center estimation
cases where the edge-scattering and the phase center
deviation is small.

Table 3: Relative errors
Fig. 4 Uncompen Previous Proposed

sated Method Method
ϕ = 0◦ 35.32% 9.05% 7.78%
ϕ = 90◦ 35.67% 17.57% 14.18%
Fig. 7 Uncompen Previous Proposed

sated Method Method
ϕ = 0◦ 76.79% 32.19% 21.22%
ϕ = 90◦ 42.06% 33.68% 12.66%

C.2. Additional edge-scattering-affected simulation
results

An additional automotive model mounted with a
2 GHz right-handed circular-polarized (RHCP) antenna
(i.e., helical antenna), whose geometrical center is fixed
at (0 m,0 m,1.5 m), is simulated to verify the wide
applicability and significance of the proposed method
for the circular-polarized antenna. The basic simula-
tion setups are the same as the model in Fig. 2. The
theoretical phase center is O′

p = (0 m,0 m,1.2 m), and
the estimated phase centers Op and O′′

p are obtained in
Table 4. Correspondingly, the pattern errors for the left-
handed circular-polarized (LHCP) component, RHCP
component and the entire far-field component of the
calibrated NFT patterns are summarized in Table 5.

C.3. Additional non-edge-scattering-affected simu-
lation results

The following will give additional results for the
non-edge-scattering-affected cases to further verify the

Table 4: Edge-scattering-affected simulated phase cen-
ters and error comparisons (unit: meters)

Axis Op O′
p O′′

p |Op−O′
p| |O′

p−O′′
p|

x 0.1 0.0 0.0 0.6λ0 0λ0

y 0.1 0.0 0.1 0.6λ0 0.6λ0

z 1.5 1.2 1.7 2λ0 3.3λ0

Table 5: Edge-scattering-affected relative errors

Left-Polarized Uncompen Previous Proposed
sated Method Method

ϕ = 0◦ 33.57% 19.43% 16.06%
ϕ = 90◦ 26.92% 17.31% 16.54%
Right-Polarized Uncompen Previous Proposed

sated Method Method
ϕ = 0◦ 14.26% 7.79% 6.18%
ϕ = 90◦ 16.78% 8.50% 7.31%
Total Uncompen Previous Proposed
Component sated Method Method
ϕ = 0◦ 12.71% 5.35% 4.29%
ϕ = 90◦ 15.26% 7.40% 6.31%

effectiveness of the proposed method under normal
condition. A single monopole antenna and a single
helical antenna are chosen as the representative lin-
earand circular-polarized antennas, respectively, work-
ing at 3 GHz. The basic sampling setups are the same
as the model in Fig. 2, and the two antennas are placed
at (1.0 m,1.0 m,1.0 m). The estimated phase canters
of the two antennas are summarized in Table 6. The
corresponding pattern calibration results are listed in
Table 7, where the LHCP and RHCP components of the
helical antenna are omitted and only shows the overall
polarization components of the farfield results.

Table 6: Non-edge-scattering-affected simulated phase
centers and error comparisons (unit: meters)

Mono pole Op O′
p O′′

p |Op−O′
p| |O′

p−O′′
p|

x 0.9 1.0 1.0 1λ0 0λ0

y 0.9 1.0 1.0 1λ0 0λ0

z 0.8 1.0 1.4 2λ0 4λ0

Helix Op O′
p O′′

p |Op−O′
p| |O′

p−O′′
p|

x 0.8 1.0 0.9 2λ0 1λ0

y 0.8 1.0 1.1 2λ0 1λ0

z 0.9 1.0 1.4 1λ0 4λ0

C.4. Advantages

Based on all the results shown above, the proposed
method has two significant advantages:

1. Reduction of time cost: The local searching num-
bers of the proposed method for the simulation and
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Table 7: Non-edge-scattering-affected relative errors

Monopole Uncompen Previous Proposed
sated Method Method

ϕ = 0◦ 14.97% 8.14% 4.05%
ϕ = 90◦ 15.03% 7.94% 4.00%
Helix Uncompen Previous Proposed

sated Method Method
ϕ = 0◦ 17.12% 8.83% 8.12%
ϕ = 90◦ 16.58% 8.67% 8.48%

measurement results in Fig. 2 and Fig. 5 are 41 and
62. While the method in [23] for the results in Fig. 2
and Fig. 5 are 63 and 153. Thus, the proposed method
leads to about 100 minutes and 450 minutes time
reduction (in a personal computer with 2.6 GHz CPU
of Core i9-13900H and RAM of 32 GB).

2. The wide applicability with better performance: The
proposed method is a unified phase center estimation
and pattern calibration method suitable for different
polarized antennas, frequencies, offset positions and
conditions (edge-scattering-affected and non-edge-
scattering-affected conditions).

IV. CONCLUSION
This work presented an improved phase center

estimation method. Specifically, it used image theory
with edge-scattering reduction and a fast local search-
ing strategy to achieve better phase center estima-
tion of the automotive antenna. Notably, the proposed
method unified the edge-scattering-affected and non-
edge-scattering-affected conditions, and the time cost
had been significantly reduced, which leads to an easy
task for the general spherical near-field test.
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Abstract – This work concerns the experimental valida-
tion of a near-field (NF) spherical scanning for an offset
mounted long antenna under test (AUT), that requires a
non-redundant (NR), namely minimum, amount of NF
data. We address the issue of decreasing the number of
voltage samples required to execute the traditional NF-
far-field transformation (NF-FFT) technique in a non-
centered case scenario, which would generally need a
considerably higher amount of input data as compared
to the onset case. In particular, by exploiting the theory
of the NR sampling representations of electromagnetic
field and adopting a rounded cylinder model of the
antenna, the number of required samples is exactly the
same as the minimum one involved in the onset scenario.
Experimental results, which prove the goodness and
efficacy of the approach, are presented.

Index Terms – Antenna measurements, NF-FF trans-
formations, non-redundant sampling representations of
the electromagnetic field, offset mounting, spherical
scan.

I. INTRODUCTION
Antenna characterization plays a key role in validat-

ing the performances of the antenna under test (AUT)
in its realistic working conditions, since it ensures com-
pliance with the design specifications and operational
standards relevant to the intended application. The main
objective of the measurement process is to determine
the AUT far-field (FF) radiation pattern, which can be
achieved using different methods, which exhibit distinct
advantages and drawbacks in terms of accuracy, mea-
surement setup complexity, and spatial constraints.

Conventional FF measurement techniques allow us
to directly acquire the AUT FF parameters of interest
but come with notable limits. Chief among these is
the FF distance condition, which imposes a minimum
separation between the measurement probe and the

AUT, potentially leading to impractically large indoor
measurement setups. These limitations have driven the
spread of near-field (NF) measurement techniques over
the past decades [1–11]. NF methods offer, among many
others, a significant advantage by removing the need
to satisfy the FF distance condition, enabling measure-
ments to be performed at much shorter ranges than the
FF ones in an anechoic chamber, a climate and elec-
tromagnetic controlled location [6]. NF techniques are
classified into spherical, cylindrical, and planar NF mea-
surements. In particular, spherical NF (SNF) methods
[12–26] allow us to obtain the AUT complete FF pattern
without introducing the errors resulting from the scan-
ning area truncation but can lead to long measurement
times with high related costs, due to the great number
of necessary NF samples, particularly when electrically
large AUTs are considered. This led to the develop-
ment of innovative NF techniques aimed at reducing
the massive amount of needed samples, such as non-
redundant (NR) sampling representations of the electro-
magnetic (EM) field [27, 28], adaptive sampling [23],
or compressed sensing [25, 26]. In particular, NR repre-
sentations have emerged as exceedingly powerful tools,
owing to their distinctive advantages. Indeed, they allow
us to exploit all and only the available independent
information of the problem, leading to a considerable
reduction of required NF data. By properly exploiting
the spatial bandlimitation of EM fields [29, 30], NR
NF far-field transformation (NF-FFT) techniques with
spherical scan have been developed [16, 20–22]. They
necessitate the measurement of a minimum amount of
samples, practically equal to the number of degrees of
freedom (NDFs) of the field [30, 31], to accurately
recover the voltage revealed by a non-directive probe
[20–22], which exhibits a spatial bandwidth almost
equal to the antenna field. Then, the NR samples, which
are non-uniformly spaced, are efficiently interpolated to
recover the massive NF data at the points, uniformly
spaced, imposed by the traditional SNF sampling theory,
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by employing a 2-D optimal sampling interpolation
(OSI) expansion. Finally, the AUT far-field is obtained
by executing the standard spherical NF-FFT technique.
These NR NF-FFT techniques outperform the standard
spherical one, not only by requiring drastically less sam-
ples, thus entailing shorter acquisition times, but also
enabling to exactly determine the highest-order spheri-
cal harmonic involved in the spherical wave expansion
(SWE) of the field [16].

Unluckily, mechanical constraints or specific
antenna mounting configurations often inevitably
prevent the alignment of the antenna center with that
of the measurement sphere (offset mounting). In such
offset setups, the classical spherical NF-FFT technique
requires collecting a drastically higher number of
samples, due to the minimum sphere rule [15], thus
increasing the acquisition time and related costs. To
address this issue, Foged et al. [32, 33] proposed a
modified formulation based on the computation of the
SWE of the field with respect to the (offset) antenna
center rather than to the one of measurement sphere.
A similar approach was developed in [34]. While these
techniques help in reducing the number of expansion
coefficients and sampling points, they entail a huge
computational effort, since they require us to perform
a full matrix inversion. This problem was later mitigated
by the iterative method proposed in [35]. In any case,
these techniques require a number of samples slightly
greater than in the onset mounting.

The goal of this paper is to give an experimental
assessment of NR spherical scanning developed in [36]
for an elongated AUT, mounted in offset and modeled by
a rounded cylinder (see Fig. 1). This approach enables
us to accurately recover the antenna far-field by using a
minimum number of samples, equal to that required for
the NR onset case, as previously demonstrated in [37]
for an offset mounted long AUT modeled by a prolate
spheroid, and in [38, 39] for quasi planar antennas
offset mounted and modeled by an oblate spheroid and
a double bowl. The experimental proofs have been per-
formed via the roll-over-azimuth spherical NF measure-
ment facility present in the Antenna Characterization
Laboratory of the UNIversity of SAlerno (UNISA). The
showcased results have demonstrated the efficacy of the
technique from a practical viewpoint.

II. NR REPRESENTATION ON THE
SCANNING SPHERE

In this section, the development of an NR represen-
tation of the voltage acquired by a non-directive probe
on a scan sphere M having radius d in the NF region of a
non-centered elongated AUT is presented. The problem
geometry is displayed in Fig. 1. Firstly, let us consider
two different spherical coordinate systems:

• the onset coordinate system S(r,ϑ ,ϕ) having the
origin O at the center of the scanning spherical
surface M;

• the offset coordinate system S′(r′,ϑ ′,ϕ ′) obtained
by translating the onset one S by a distance ds
along the z-axis, so that its origin O′ coincides with
the center of the offset mounted antenna.

Fig. 1. Problem geometry.

While the onset coordinate system S(r,ϑ ,ϕ) identi-
fies the generic observation point P(d,ϑ ,ϕ), the intro-
duction of the offset one S′ allows us to develop an
appropriate NR representation of the voltage on the
sphere. Therefore, the NR sampling points are computed
in the offset coordinate system S′ and subsequently
mapped into the onset one S through the following coor-
dinate transformation relations linking the two reference
systems:

ϕ = ϕ
′;ϑ = tan−1[r′ sinϑ

′/(r′ cosϑ
′+ds)], (1)

r′ =
√

d2 − (ds sinϑ ′)2 −ds cosϑ
′, (2)

ϑ
′ = tan−1[d sin(ϑ)/(d cos(ϑ)−ds)]. (3)

In accordance with the theory developed in [27],
it is possible to define an NR sampling representa-
tion of the voltage V (i.e. a representation requiring a
minimum amount of samples) by adopting a suitable
parameterization r = r(ξ ) to describe the observation
curve and extracting an optimal phase factor ejψ(ξ ) from
the expression of V, thus getting the so called “reduced
voltage”:

Ṽ (ξ ) = ejψ(ξ )V (ξ ), (4)

which is a spatially quasi-bandlimited function. It is
important to highlight that V (ξ ) is the voltage Vp
revealed by the probe or Vr by the rotated probe. It
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follows that, when approximating Ṽ (ξ ) by a bandlimited
function, a band-limitation error arises. However, this
error has step-like behavior, being very small when the
bandwidth is greater than a critical value Wξ . In particu-
lar, it is possible to ensure the validity of this condition
by considering an enlargement bandwidth factor χ ′, so
that the bandwidth of the chosen bandlimited function
is χ ′Wξ . It is noteworthy that χ ′ values slightly greater
than one can be adopted when AUT sizes are large in
terms of wavelengths.

As shown in [27], the number of NR samples, at
Nyquist rate, necessary to accurately represent V (ξ ) on
a closed surface (even unbounded) encircling the surface
Σ modeling the antenna is proportional to the area of Σ.
Therefore, to minimize the number of required samples,
an appropriate choice of the most suitable rotational
surface Σ is in order. In particular, Σ must be selected
in such a way as to minimize any volumetric redundancy
by best fitting the shape of the AUT. Since we are dealing
with an elongated AUT, a suitable choice is represented
by a rounded cylinder centered in O′ (see Figs. 1 and 2),
namely a cylinder, of radius ac and height hc, terminated
with two hemispheres. As previously stated, the NR rep-
resentation of the voltage V on the scan sphere M, that is
conveniently described by parallels and meridians, must
be determined in S′. The spatial bandwidth relevant to a
meridian, that is still a meridian curve in S′, i.e. a curve
got as the intersection between M and the meridian plane
through the observation point P, is [27]:

Wξ = ℓ(C′)/λ , (5)

where ℓ(C′) is the length of the curve C′, intersec-
tion between Σ and the meridian plane, and λ is the
wavelength. Moreover, the optimal parameter and phase
function are [27]:

ξ = (π/ℓ(C′))[R1 + s′(P1)−R2 + s′(P2)], (6)

ψ = (π/λ )[R1 + s′(P1)+R2 − s′(P2)], (7)

where R1 and R2 are the distances from the point P to
the tangency points P1 and P2 on C′ and s′(P1) and s′(P2)
are the related arclength abscissas (see Fig. 2). These
parameters depend, of course, on the specific choice
of the surface Σ. Having selected a rounded cylinder
as a suitable surface modeling the AUT, we know that
ℓ(C′) = 2(hc +πac) and hence:

Wξ = 2(hc +πac)/λ . (8)

The related expressions for ξ and ψ are got by
substituting in (6) and (7) the distances R1,2 and the
curvilinear abscissas s′(P1,2), whose expressions depend
on the positions of the points P1 and P2, which in turn
change as the angle ϑ ′ varies. As shown in [34], three
cases occur.

Fig. 2. Relevant to a meridian.

For 0 ≤ ϑ ′ ≤ sin−1(ac/r′):

R1 =
√

(r′ sinϑ ′)2 +(r′ cosϑ ′−hc/2)2 −a2
c , (9)

s′(P1) = ac sin−1
(

acr′ sinϑ ′+R1((hc/2)− r′ cosϑ ′)

R2
1 +a2

c

)
,

(10)

R2 = R1, (11)

s′(P2) = ac sin−1
(

acr′ sinϑ ′−R2((hc/2)− r′ cosϑ ′)

R2
2 +a2

c

)
,

(12)

for sin−1(ac/r′)≤ ϑ ′ ≤ π − sin−1(ac/r′), R1 and s′(P1)
are given by (9) and (10), while:

R2 =
√
(r′ sinϑ ′)2 +(r′ cosϑ ′+hc/2)2 −a2

c , (13)

s′(P2) = hc+

+ac

[
π − sin−1

(
acr′ sinϑ ′+R2((hc/2)+ r′ cosϑ ′)

R2
2 +a2

c

)]
,

(14)

finally, for π − sin−1(ac/r′)≤ ϑ ′ ≤ π , R2 and s′(P2) are
given by (13) and (14), and:

R1 =
√
(r′ sinϑ ′)2 +(r′ cosϑ ′+hc/2)2 −a2

c , (15)

s′(P1) = hc+

+ac

[
π

2
− sin−1

(
R1r′ sinϑ ′+ac((hc/2)+ r′ cosϑ ′)

R2
1 +a2

c

)]
.

(16)
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For a parallel, the phase function is constant and
ϕ ′ can be effectively employed as an optimal parameter.
The corresponding bandwidth is:

Wϕ ′ =
π

λ
max

z̄′

(√
(ρ +ρ ′(z̄′))2 +(z′− z̄′)2

−
√
(ρ −ρ ′(z̄′))2 +(z′− z̄′)2

)
, (17)

where ρ = r′ sinϑ ′ and ρ ′(z̄′) defines the rounded cylin-
der equation.

The maximum is achieved at:

z̄′ =



z′ |z′| ≤ hc

2hc

2
+

(|z′|−hc/2)a2
c

(r′ sinϑ ′)2+
+(|z′|−hc/2)2

sgn(z′) |z′|> hc

2

,

(18)
where sgn(·) is the sign function.

The obtained NR samples are uniformly spaced
with respect to the optimal parameter ξ but not with
respect to ϑ ′. This is why a suitable interpolation of the
samples must be introduced to carry out the standard
NF-FFT, which requires a set of uniformly distributed
input data. It must be emphasized that interpolation of
the NR voltage samples in the prescribed (uniformly
spaced) positions on the sphere using the classical car-
dinal series would entail a massive computational effort.
Indeed, this well-known technique is suboptimal when
dealing with a great number of data, due to the use
of the Dirichlet sampling functions, that, to prevent the
truncation error, implicates the involvement of all input
samples to determine any output one. Furthermore, this
would also cause propagation of errors, which affect
the samples, from high to low voltage values. Hence, a
custom-made optimal interpolation algorithm, the 2-D
OSI expansion [40], is used. Such an interpolation
scheme allows us to reconstruct the voltage values at any
point on the scan sphere by using a traveling sampling
and adopting optimal self-truncating functions, which
require us to retain only a small number of samples in
the proximity of the considered output one to minimize
truncation error. It is thus possible to lessen the compu-
tational load and to prevent error propagation from high
to low voltage levels. Hence, probe voltage at the point
P(ϑ ′,ϕ ′) can be reconstructed [36]:

V (ξ (ϑ ′),ϕ ′)

= e−jψ(ξ )
n0+q

∑
n=n0−q+1

{
K(ξ ,ξn, ξ̄ ,N,N′′)

·
m0+p

∑
m=m0−p+1

Ṽ (ξn,ϕ
′
m,n)K(ϕ ′,ϕ ′

m,n, ϕ̄
′,Mn,M′′

n )

}
,

(19)

where n0 = Int(ξ/∆ξ ), m0 = Int(ϕ ′/∆ϕ ′
n), 2q×2p is the

retained samples number, and:

ξn = n∆ξ = 2πn/(2N′′+1);N′′ = Int(χN′)+1, (20)

N = N′′−N′; N′ = Int(χ ′Wξ )+1; ξ̄ = q∆ξ , (21)

ϕ
′
m,n = m∆ϕ

′
n = 2πm/(2M′′

n +1); M′′
n = Int(χM′

n)+1,
(22)

Mn = M′′
n −M′

n; M′
n = Int[χ∗Wϕ ′(ξn)]+1, (23)

χ
∗ = 1+(χ ′−1)[sinϑ

′(ξn)]
−2/3; ϕ̄

′ = p∆ϕ
′
n. (24)

In particular, Int(x) stays for the integer part func-
tion, while χ > 1 is the oversampling factor, introduced
to control the truncation error. Furthermore:

K(α,αt , ᾱ,H,H ′′) = DH ′′(α −αt)ΩH [(α −αt), ᾱ],
(25)

where

ΩH(α, ᾱ) =
TH [2cos2(α/2)/cos2(ᾱ/2)−1]

TH [2/cos2(ᾱ/2)−1]
, (26)

DH ′′(α) =
sin[(2H ′′+1)α/2]
(2H ′′+1)sin(α/2)

, (27)

are, respectively, the Tschebyscheff and the Dirichlet
sampling functions [27, 36].

The interested reader can find, in [40], a detailed
study on the error introduced by the OSI (plots of
the normalized maximum and normalized mean-square
reconstruction errors for various values of the oversam-
pling factor and versus the retained samples number).
Such an expansion is computationally simple and very
fast. Its validity is widely demonstrated in many papers
by the authors.

III. EXPERIMENTAL VALIDATION
The showcased NR NF-FFT has been validated

through laboratory proofs at the UNISA Antenna Char-
acterization Laboratory. This facility has an anechoic
chamber (8× 5× 4 m) sized for both NF and FF mea-
surements, depending on the FF distance requirements.
The chamber is paneled by pyramidal absorbers, guar-
anteeing a background noise level lower than −40 dB in
the X band. Three rotary tables and a vertical linear scan-
ner equip a versatile system (see Fig. 6 in [39]), allowing
us to perform NF measurements not only using clas-
sical scans, like cylindrical, spherical, and plane-polar,
but also the innovative helicoidal, spherical-spiral, and
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planar-spiral scans. A vector network analyzer (VNA)
is utilized to perform accurate amplitude and phase
measurements. Such a measurement facility provides an
additional rotary table too, allowing us to execute direct
FF or radar cross section measurements of electrically
small AUTs/targets. A photo of the NF facility of the
UNISA Antenna Characterization Laboratory is shown
in Fig. 3. The interested reader can find a more detailed
description of this NF facility and additional photos in
Chapter 1 of [11].

Fig. 3. Photo of the NF measurement system available at
the UNISA Antenna Characterization Laboratory.

In the reported experimental results, the employed
antenna is a slotted waveguide array operating at
10 GHz. It was obtained by realizing eight rounded-
ended slots in the large walls of a tapered rectangular
waveguide and feeding it by means of a coaxial to
rectangular wave-guide transition. It has been mounted
with its broad walls parallel to the x = 0 plane and its
axis coinciding with the z one. An open-ended WR90
rectangular waveguide is utilized as the scanning probe.
The standard spherical NF-FFT [15] is carried out by
the MI-3000 package and is employed to compute both
the reference FF patterns, directly got by processing the
considerably great amount of (offset) NF data collected
at the classical lattice [15], and those attained from the
NF data recovered by interpolating the drastically lower
amount of gathered NR NF samples. In the considered
experimental tests, the AUT has been shifted along the
z-axis by a distance ds = 5.37 λ .

Fig. 4. Voltage amplitude (a) and phase (b) on the
meridian at ϕ = 0◦ ---- measured. + + + NR data.

Fig. 5. Voltage amplitude (a) and phase (b) on the
meridian at ϕ = 90◦. ---- measured. + + + NR data.
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Fig. 6. FF patterns at ϕ = 0◦ (a), ϕ = 90◦ (b), and
ϑ = 90◦ (c). ---- reference. + + + NR data.

The parameters of the rounded cylinder employed
for modeling the AUT are hc = 10 λ and ac = 0.85 λ .
The voltages have been measured on a sphere with
radius d = 20 λ and the shown recoveries have been
got by adopting p = q = 7, χ ′ = 1.30, and χ = 1.20. In
Figs. 4 and 5, the amplitudes and phases of the recovered
voltage Vr on the meridians at ϕ = 0◦ and ϕ = 90◦

are compared with the directly acquired ones on the
same meridians. The FF patterns at ϕ = 0◦, ϕ = 90◦,
and ϑ = 90◦, obtained from the NR NF samples, are
compared in Figs. 6 (a–c) with those (references) taken
from the massive number of offset data directly acquired
on the NF grid for the standard NF-FFT. As can be

clearly observed, both the NF and the FF recoveries
results are very accurate, save for the regions where the
voltage/field is very low, thus fully demonstrating the
practical effectiveness of the approach.

It must be highlighted that the proposed technique
allows a drastic decrease of the number of samples to be
acquired and, consequently, a huge saving of acquisition
time. Indeed, the AUT testing required only 705 NR
NF samples, a remarkably lower amount of data than
the 7320 required by the traditional spherical NF-FFT.
It is interesting to compare the corresponding times
employed to acquire the needed NF samples, namely
4.65 and 24.38 hours, respectively.

Further experimental results, which validate the
effectiveness of the developed NR NF-FFT with spheri-
cal scanning for offset mounted elongated antennas and
relevant to a different AUT and working frequency, are
reported in [41].

IV. CONCLUSION
In this paper, experimental validation of an NR NF-

FFT technique with spherical scan for offset mounted
long antennas is presented. The proposed approach,
with respect to other existing techniques, requires the
gathering of the same minimum number of NF samples
fixed by the NR sampling for the onset mounting sce-
nario, entailing not only a massive reduction in terms
of needed NF data, but also of acquisition time. The
experimental results are relevant to a rounded cylinder
modeling of an elongated AUT, which represents the
optimal choice since it suitably fits its shape without
introducing any volumetric redundancy. Then, a custom-
made 2-D OSI expansion allows us to accurately and
efficiently reconstruct the NF data necessary to execute
the standard spherical NF-FFT from the gathered NR
ones. The accuracy and effectiveness of this innovative
approach are experimentally confirmed by the very sat-
isfactory agreement obtained in both the NF and FF
reconstructions.
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Abstract – In this paper, a novel approach integrated
efficient iterative adaptive cross approximation-physical
optics (EI-ACA-PO) and Chebyshev approximation
technique (CAT) is proposed to efficiently calculate
the broadband solution of antenna placed on electri-
cally large platforms. The adaptive cross-approximation
(ACA) method is employed to compress the self-
impedance matrix of the Method of Moments (MoM)
region, and the interaction matrices between the MoM
and physical optics (PO) regions. By introducing CAT
technology, the iterative hybrid method is capable of
efficiently calculating the wideband results. First, the
outer surface is divided into two regions. Then, the
integral equation is solved by the EI-ACA-PO method
to obtain the induced current at the Chebyshev nodes.
Afterwards, the current in a desired frequency band
is represented by the Chebyshev series. To improve
accuracy, the Chebyshev series is matched with the
Maehly approximation. The current at any frequency
point in the bandwidth can be calculated. Finally, the
broadband electromagnetic radiation characteristics can
be obtained.

Index Terms – Adaptive cross-approximation (ACA),
carrier antenna analysis, Chebyshev approximation tech-
nique (CAT), hybrid method, iterative technology.

I. INTRODUCTION
In recent years, broadband radiation analysis

of integrated antenna-platform systems has become
increasingly critical for modern wireless systems. Early
radiation analysis of integrated antenna-platform sys-
tems primarily relied on full-wave numerical methods
such as the Method of Moments (MoM) [1]. These
methods achieve electromagnetic modeling by precisely
discretizing both platform and antenna structures, but
they face exponential growth in unknowns when dealing
with electrically large platforms, leading to prohibitive
computational costs. To address this, high-frequency
approximation methods such as physical optics (PO) [2]
were widely adopted. PO simplifies calculations by

neglecting the coupling between field triangles, making
it suitable for rapid estimation of radiation characteris-
tics at high frequencies. However, it struggles to accu-
rately model complex phenomena arising from antenna
coupling.

The hybrid method of MoM and PO is effective
for modeling the electromagnetic problems of antennas
around platforms [3–9]. In hybrid analysis, the entire
structure is divided into MoM-regions and PO-regions.
It is assumed that the currents in the PO-region are
radiated and excited by the currents in the MoM-region.
Then, the PO contributions can either be coupled into
the MoM impedance matrix on the left-hand side of the
equation, or represented in the equation as additional
excitations, with an iterative approach used to drive the
system to a steady state. Meanwhile, algorithms like
adaptive cross approximation (ACA) [10] and multilevel
fast multipole algorithm (MLFMA) [11] emerged, sig-
nificantly improving the efficiency of full-wave meth-
ods. They are also integrated into hybrid methods, such
as MLFMA combined with PO (MLFMA-PO) [12],
ACA combined with PO (ACA-PO) [13] and adap-
tive integral method (AIM) combined with PO (AIM-
PO) [14].

Nevertheless, confronted with the wideband chal-
lenges, these techniques still require independent matrix
factorization for each frequency point, which leads to
enormous time consumption. The process of repeti-
tive solution of the matrix equations can be bypassed
when employing the Chebyshev approximation tech-
nique (CAT) [15] and asymptotic waveform evaluation
(AWE) [16]. Compared with AWE, CAT is widely used
due to its better convergence and easier integration with
other methods without adding additional memory.

In this paper, a hybrid efficient iterative adap-
tive cross approximation-physical optics (EI-ACA-PO)-
CAT method is presented to achieve efficient wideband
radiation analysis of antenna around electrically large
platforms. In the proposed method, the whole PEC
system can be divided into two regions: ACA-region and
PO-region. the initial current coefficients in the ACA-
region at the Chebyshev nodes can be independently
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Fig. 1. EI-ACA-PO model of the perfect electric conduc-
tor (PEC) system.

calculated by ACA. An iterative process is implemented
to make the system become stable and obtain the cur-
rent coefficients that have converged in two regions
at Chebyshev nodes. CAT is employed to expand the
current coefficients at any frequency point over the
desired frequency band. Finally, to achieve a better
accuracy, the Chebyshev series is transformed into a
rational function by applying the Maehly approximation.
Numerical examples show that the EI-ACA-PO-CAT
can significantly improve calculation efficiency without
loss of accuracy.

II. EI-ACA-PO-CAT FORMULATION
Consider an antenna mounted onto a perfectly con-

ducting carrier. In the hybrid EI-ACA-PO-CAT analysis,
the whole system is divided into two parts, namely the
ACA-region and the PO-region. The surface currents in
the ACA-region and the PO-region are denoted JACA
and JPO, respectively, as depicted in Fig. 1. The desired
frequency band and the corresponding wave number
band are represented by [ fa, fb] and [ka,kb], respectively.
Generally, the scattered fields (Es,Hs) induced by the
current J can be expressed as

Es =LEJ , (1)

Hs =LHJ , (2)

where

LEJ =− jkη

∫
S

[
JG(r,r′)+

1
k2 ∇∇

′JG(r,r′)

]
ds′,

(3)

LHJ = ∇×
∫

S
JG(r,r′)ds′, (4)

where k = ω
√

µ0ε0 is the wavenumber, η = (ε0/µ0)
1/2

is the wave impedance, G(r,r′) = e− jk|r−r′|/(4π|r−

Fig. 2. Flow chart of the EI-ACA-PO-CAT method.

Fig. 3. Geometry of the inverted-L antenna placed above
a paraboloid.

r′|) denotes the Green’s function of free space. r and r′

are the observation and source points.
In the Chebyshev approximation approach, first, we

need to compute the Q+1 Chebyshev-Gauss frequency
sampling points k̃q that are the roots of the Chebyshev
polynomial TQ+1(x) by

k̃q = cos
[

π(2q+1)
2(n+1)

]
, q = 0,1,2, . . . ,Q, (5)

where Q is the truncated order of the Chebyshev series.
These Chebyshev-Gauss sampling points need to be
mapped from the interval [−1,1] to the desired band
[ka,kb] by

kq =
1
2
[k̃q(kb − ka)+(kb + ka)]. (6)

After obtaining the frequency sampling points kq,
we calculate the initial current coefficients in the
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Fig. 4. Input impedance frequency response of an
inverted-L antenna placed above a PEC plane by using
three different orders of EI-ACA-PO-CAT.

Table 1: CPU time and memory requirement of different
methods for the inverted-L antenna placed above a
paraboloid
Method Number Sweep Memory Total

of Points (MB) CPU RMSE
Unknowns Time

ACA PO (s)
EI-MoM-PO 1512 10142 101 1396.5 45961 \
EI-ACA-
PO-CAT
(L=2)

1414.4 582 13.11

EI-ACA-
PO-CAT
(L=3)

1443.4 663 9.72

EI-ACA-
PO-CAT
(L=5)

1444.8 1314 0.1

ACA-region at each kq using pure ACA method.
Assume that there are M basis functions situated in the
ACA-region and P basis functions existing within the
PO-region. The total number of basis functions for the
EM system is defined as N = M + P. Using the PEC
boundary condition and Galerkin testing procedure, the
matrix equation at the sampling points can be set up as

ZACA(kq)I
0,ACA(kq) = V (kq), (7)

where the superscript 0 of I0,ACA(kq) denotes the num-
ber of iterations. The basis functions of the ACA-region
are grouped by the octree method, and the self-
impedance matrix ZACA is now a block structure with
rank deficient off-diagonal blocks. By using the standard
ACA to decompose the off-diagonal blocks, the MVM
can be expressed as

ZACAI0,ACA = (ZACA
dia +ZACA

od )I0,ACA

=


ZACA

dia(1,1) . . . ZACA
od(1,n)

...
. . .

...
ZACA

od(n,1) · · · ZACA
dia(n,n)

I0,ACA

=
Ndia

∑
i=1

(ZACA
dia(ix,iy) ·I

0,ACA
(ix,iy)

)

+
Nod

∑
i=1

(ZACA
od(ix,iy) ·I

0,ACA
(ix,iy)

)

=
Ndia

∑
i=1

(ZACA
dia(ix,iy) ·I

0,ACA
(ix,iy)

)

+
Nod

∑
i=1

((LACA
mi×ri

·RACA
ri×ni

) ·I0,ACA
(ix,iy)

), (8)

where the subscripts dia and od represent the diagonal
blocks and the off-diagonal blocks, respectively. Ndia
and Nod are the total number of ZACA

dia and ZACA
od . (ix, iy)

is the serial number of ith block. I0,ACA
(ix,iy)

is the corre-

sponding part in vector I0,ACA. LACA
mi×ri

and RACA
ri×ni

are
dense rectangular matrices obtained by compression of
ZACA

dia(ix,iy)
. mi and ni denote the dimension of ZACA

dia(ix,iy)
. ri

is the effective rank.
Let us now consider the effect of the PO-region.

For radiation, we suppose that the impressed fields just
exist at the feeding point of the antenna. Consequently,
the current in the PO-region is only induced by the
ACA current solved by (7). The basis functions in the
PO-region are also grouped through the octree method,
resulting in interaction matrices with block structures.
Blocks formed by sufficiently separated basis function
groups in both ACA- and PO-regions are defined as
far-field matrix blocks. These blocks possess low-rank
characteristics and can be accelerated via ACA:

I i,PO = τPO-ACAI i−1,ACA

= (τPO-ACA
far +τPO-ACA

near )I i−1,ACA

=

(
Nfar

∑
a=1

LPO-ACA
Na

PO×ra
PO-ACA

RPO-ACA
rPO-ACAa×Na

ACA

)
I i−1,ACA

+ τ
PO-ACA
near I i−1,ACA, i = 1,2, . . . , Iter, (9)

where i stands for the ith iterative process and Iter is
the total number of iterations. The induced current in
the PO-region will inversely affect the ACA-region. It
is added to the right-hand side of (7) in the form of
additional exciting voltages, expressed as

V i = V +∆V i, (10)

∆V i =−ZACA-POI i,PO

= (Zfar
ACA-PO +Znear

ACA-PO) ·I i,PO
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Fig. 5. Geometry of a trapezoidal dipole antenna placed
above the aircraft.

=

[(
Nfar

∑
j=1

LACA-PO
N j

ACA×r j
ACA-PO

RACA-PO
r j
ACA-PO×N j

ACA

)
+Znear

ACA-PO

]

·I i,PO, (11)

where r j
ACA-PO and ra

PO-ACA are the effective ranks of
jth matrix block of Zfar

ACA-PO and ath block of τ far
PO-ACA.

r j
ACA-PO < min(N j

ACA, N j
PO), ra

PO-ACA < min(Na
ACA, Na

PO),
LPO-ACA

Na
PO×ra

PO-ACA
and RPO-ACA

ra
PO-ACA×Na

ACA
, LACA-PO

N j
ACA×r j

ACA-PO
and

RACA-PO
r j
ACA-PO×N j

ACA
represent two dense rectangular matrices

obtained by compressing the far-field matrix blocks,
respectively.

Then we apply the iterative process from (10) to
(11) until the current in the ACA-region stabilizes. The
error εi is used to evaluate whether the ACA current is
stable, expressed as

εi =
∥I i,ACA −I i−1,ACA∥

∥I i−1,ACA∥
, (12)

where ∥ · ∥ is the 2-norm.
Once the currents IACA(kq) and IPO(kq) at the

sampling frequencies are obtained, any surface current
IACA/PO(k) within the desired frequency band [ka,kb]
can be given by Chebyshev series as

In(k) =
Q

∑
q=0

cn,qTq(kq)−
cn,0

2
, (13)

where the Chebyshev polynomial satisfies the recursion
relation as

T0(x) = 1

T1(x) = x

Tn+1(x) = 2xTn(x)

−Tn−1(x)

, x ∈ [−1,1], n = 1,2, . . . ,∞,

(14)

where mq are the expanding coefficients.

cn,q =
2
Q

Q+1

∑
q=1

In(kq)Tq(k̃q), q = 1,2, . . . ,Q. (15)

Chebyshev series typically employ the Maehly
approximation [15] for rational functions. By integrat-
ing the Maehly approximation with Equation (13), the
components of I(k) are reformulated as

In(k)∼=
Q

∑
q=0

cn,qTq(kq)−
cn,0

2

=
∑

L
i=0 an,iTi(k̃q)

1+∑
M
j=1 bn, jTj(k̃q)

⇒
L

∑
i=0

an,iTi(k̃q)

=

(
∞

∑
p=0

cn,pTp(k̃q)−
c0

2

)

×
M

∑
j=0

bn, jbn, jTj(k̃q)

=
M

∑
j=0

bn, j

∞

∑
p=0

cn,pTp(k̃q)Tj(k̃q)

− 1
2

M

∑
j=0

bn, jcn,0Tj(k̃q), (16)

where Q = L+ 2M. According to the identity property
Ti(x)Tj(x) = 1

2 [Ti+ j(x)+T|i− j|(x)] Equation (16) can be
simplified as

L

∑
i=0

an,iTi(kq)

=

(
1
2

cn0bn0 +
1
2

M

∑
j=1

bn, jcn, j

)
T0(kq)

+
∞

∑
l=1

[
bn,0cn,l

+
1
2

M

∑
j=1

bn, j(cn, j+l + cn,|l− j|)

]
Tl(kq). (17)

By matching the two sides, the coefficients in the
numerator and the denominator can be obtained by

an,0 =
1
2

M

∑
j=1

bn, jcn, j +
1
2

bn,0cn,0

an,i =
M

∑
j=1

1
2

bn, j(cn,|i− j|+ cn, j+i)+bn,0cn,i

i = 1,2, . . . ,Q
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  (a) 

  (b) 

  (c) 

Fig. 6. Wideband results obtained from EI-ACA-PO-
CAT compared with MLFMA and EI-MoM-PO meth-
ods: (a) input impedance, (b) input admittance, (c)
reflection coefficient.

Table 2: CPU time and memory requirement of different
methods for a trapezoidal dipole antenna placed above
the aircraft
Method Number Sweep Memory Total

of Points (MB) CPU
Unknowns Time

ACA PO (s)
MLFMA 108904 \ 81 35026 43888
EI-MoM-PO 1269 25959 3106 58401
EI-ACA-PO-
CAT(L=7)

3127 12256


cn,L + cn,L+2 · · · cn,L−M+1 + cn,L+M+1

cn,L+1 + cn,L+3 · · · cn,L−M+2 + cn,L+M+1

· · · · · · · · ·
cn,L+M−1 + cn,L+M+1 · · · cn,L + cn,L+2M



×


bn,1

bn,2

· · ·
bn,M

=−2


cn,L+1

cn,L+2

· · ·
cn,L+M

. (18)

Finally, the current coefficients at any point within
the desired frequency band can be obtained. For ease
of understanding, a flowchart of the EI-ACA-PO-CAT
method is shown in Fig. 2.

III. NUMERICAL RESULTS
In this section, two simple examples are demon-

strated to show the accuracy and efficiency of the
proposed EI-ACA-PO-CAT method for fast analysis of
antennas on platforms over a broad frequency band. The
error tolerance of the iteration between ACA- and PO-
regions is selected as 0.003. All results are produced on
a 64-bit PC with 3.67 GHz of CPU and 48 GB of RAM.

A. Inverted-L antenna placed above a paraboloid
The first example is an inverted-L antenna placed

above a paraboloid. The dimensions of the structure are
depicted in Fig. 3. The inverted-L antenna is mounted
on the center of a PEC rectangular plane. The length and
width are both 0.84 m. An ideal slot voltage source is
set at the connection edge between the antenna and the
plane. The paraboloid has an aperture radius of 2.25 m
and a depth of 0.56 m. In hybrid analysis, the antenna
and the plane are selected as the ACA-region, and the
paraboloid is the PO-region. The desired frequency band
ranges from 450 MHz to 950 MHz. The ACA- and PO-
regions are discretized into 1042 and 6821 triangles,
leading to 1512 and 10142 basis functions, respectively.

Figure 4 shows the input impedance obtained from
EI-ACA-PO-CAT with three different (L = M = 2,3,5)
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order results and the EI-MoM-PO method. It is observed
that there are significant errors in the second and third
order of EI-ACA-PO-CAT but the result of the fifth order
just agrees with EI-MoM-PO solution. In order to better
represent the differences, the root mean square error
(RMSE) is defined as follows

RMSE =

√
1

Num

Num

∑
i=1

(yi − yEI-MOM-PO
i )2, (19)

where Num is total number of the results. The superscript
of y means the method. Table 1 displays the memory,
total CPU time and RMSE compared EI-ACA-PO-CAT
method with EI-MoM-PO. Although the proposed EI-
ACA-PO-CAT costs a bit more memory, it can signifi-
cantly reduce the CPU time compared to direct calcula-
tion with the EI-MoM-PO.

B. Trapezoidal dipole antenna placed above the
aircraft

In the second example, we consider a trapezoidal
dipole antenna placed above the aircraft. The dimensions
of the structure are depicted in Fig. 5. The trapezoidal
dipole antenna is defined as the ACA-region, and the
aircraft is defined as the PO-region. An ideal slot
voltage source is set at the center of the trapezoidal
dipole antenna. The desired frequency band ranges from
100 MHz to 500 MHz with 5 MHz spacing. For the
full-wave method, the whole system is discretized into
72622 triangles, leading to 108904 basis functions. For
the hybrid analysis, the ACA- and PO-regions are dis-
cretized into 754 and 21724 triangles, leading to 1269
and 25959 basis functions, respectively.

Figures 6 (a–c) show the input impedance, the
input admittance and the reflection coefficient obtained
by EI-ACA-PO-CAT (L = M = 7) compared with the
MLFMA and the EI-MoM-PO method. It is observed
that the results of the EI-ACA-PO-CAT method are in
good agreement with the results of the direct sweep
calculation of the other two methods. Table 2 shows
the comparison of memory consumption and comput-
ing time from different methods. The EI-ACA-PO-CAT
method achieves a significant reduction in computing
time without taking up too much memory.

IV. CONCLUSION
This paper proposes a novel approach integrat-

ing efficient iterative adaptive cross approximation-
physical optics (EI-ACA-PO) and Chebyshev approxi-
mation technique (CAT) to efficiently calculate broad-
band solutions for antennas mounted on electrically
large platforms. The outer surface is divided into ACA-
and PO-regions, where the ACA method compresses

the self-impedance matrix of the ACA-region and inter-
action matrices between ACA- and PO-regions. The
iterative technology further reduces computational com-
plexity. CAT is introduced to solve the surface inte-
gral equation at Chebyshev nodes using EI-ACA-PO to
obtain induced currents, which are used by Chebyshev
series and Maehly approximation to calculate currents
at any frequency point in the desired bandwidth, finally
deriving the broadband electromagnetic radiation char-
acteristics. This method effectively addresses the chal-
lenge of efficient broadband computation for antennas
mounted on the electrically large platform by com-
bining matrix compressing and frequency-interpolation
approximation, ensuring both computational efficiency
and accuracy.
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Abstract – This paper proposes a dual-ring unit cell
design for a single-layer reflectarray antenna. The ele-
ment is attained using two concentric split-ring res-
onators, where each ring is divided into four equal
sections. By adjusting the width, scaling, and radius of
the concentric split-rings, two distinct resonance fre-
quencies are realized in each ring, attributable to the
electric length inside the rings. This approach yields a
wider phase range for the reflection coefficient, with a
nearly linear phase response. Three different configura-
tions are investigated to identify the best performance
parameters. The electromagnetic behavior of the pro-
posed unit element is simulated using CST Microwave
Studio Suite. The reflection characteristics are analyzed
using the infinite-array model with Floquet port excita-
tion. Hexahedral meshing is employed for the antenna
configuration, with the mesh density adjusted according
to the wavelength to validate sufficient resolution of the
structural features. The unit cell was also investigated
using the HFSS frequency-domain solver based on the
finite integration technique. An equivalent circuit was
found using the Advanced Design System (ADS). The
simulation results indicate that all three configurations
offer a broad phase variation, with the minimum phase of
approximately 885◦ at 10 GHz in case 2, and a maximum
phase slope of 68◦/mm at 12 GHz in case 1, over the
8–12 GHz frequency range. The configuration in case
3 achieves the widest operational bandwidth of 26.8%
centered at 10 GHz.

Index Terms – Bandwidth improvement, single-layer,
split-circle rings, unit cell, wideband reflectarray.

I. INTRODUCTION
Reflectarray antennas symbolize a promising class

of high-gain antennas with several advantages, including

lightweight construction, low profile, low cost, and
reduced fabrication complexity. Furthermore, they
enable higher antenna gains by developing the reflective
behavior of their elements [1]. In its essential configu-
ration, a reflectarray antenna comprises a feed element
and an aperture composed of an array of microstrip
patches. The primary purpose of the reflectarray is to
reflect the incident waves from the feed and to shape
and direct the resulting collimated beam in a specific
direction. Each element in the array is designed to
provide the required phase shift upon reflection, ensur-
ing proper wave collimation and steering the beam
toward the intended target direction [2, 3]. Neverthe-
less, the performance of reflectarrays may degrade due
to improper reflection phase settings and their inher-
ently narrow-band behavior. Numerous studies have
proposed different techniques to extend the phase range
of the reflection coefficient and enhance bandwidth.
Some approaches involve multilayer configurations; for
instance, multilayers of double concentric annular rings
for X-band applications were proposed in [4]. The
design described in [5] involves stacked microstrip
patches and demonstrates good performance in dual-
frequency operation. Additionally, a reflectarray con-
sisting of three stacked layers with rectangular patches
was presented in [6], offering dual-polarization function-
ality that is suitable for space applications. A 4-layer
transmitarray antenna composed of double square-ring
elements was discussed in [7]. Other techniques focus
on element rotation; for example, adjusting the rota-
tion angle of the elements as explored in [8–11]. A
third method involves attaching phase delay lines to the
radiating elements for phase compensation. By varying
the lengths of arc stubs or phase delay lines, broad-
band performance can be attained, as demonstrated in
[12–15]. The fourth technique, which is the most com-
monly used and the simplest to manufacture, involves

Submitted On: July 22, 2025
Accepted On: March 08, 2026 1054-4887 © ACES

https://doi.org/10.13052/2026.ACES.J.410205



145 ACES JOURNAL, Vol. 41, No. 2, February 2026

varying the size of an element within a multi-resonant
geometry to produce phase variation, as detailed in
[16–20].

An essential feature in the design of a reflectarray
microstrip antenna is the selection of a suitable element
shape, commonly referred to as the unit cell, along
with its size, followed by the total number of cells, and
the overall array configuration. Each element indepen-
dently contributes to phase amendment, thus enabling
the achievement of the desired directivity [21]. The
choice of the radiating element’s shape is particularly
critical, as the scattering of the incident electromagnetic
field is strongly influenced by its geometry. Thus, an
important objective is to identify a cell category that
provides a broad reflection coefficient phase range when
its properties are varied [21]. It is well-established that
a phase variation restricted to less than 360◦ can result
in a reduction of the antenna’s directivity [16]. Con-
versely, research indicates that the phase variation with
respect to any geometrical parameter should be as linear
as possible, confirming a smooth slope in the phase
response [22]. This requires that the full 360◦ phase shift
is attained through very gradual variations of the param-
eter. In practical applications, abrupt phase changes tend
to lead to narrower working bandwidths and complicate
the manufacturing process of the radiating elements
due to tight tolerances [23]. Usually, the phase of the
reflection coefficient as a function of the patch dimen-
sions is calculated to assess whether the phase range is
adequately wide and whether the curve reveals a smooth
slope. Accordingly, extensive effort is often invested in
identifying a unit cell capable of providing the desired
phase characteristics. Commonly employed microstrip
patch shapes include squares, crosses, rectangles, cir-
cles, and rings [24–29].

In this study, double split-circle rings are used to
enhance both the phase range and the bandwidth of
a unit cell for a reflectarray antenna. The dual split-
ring resonator elements create multiple resonance fre-
quencies. By separating each ring into four segments
and systematically varying the scale, width, and size of
these segments, two adjacent resonances are generated
by each ring. This modification improves the phase
coverage and bandwidth of the unit element reflectarray.

The paper is arranged as follows. Section II details
the design methodology of the proposed dual-band unit
cell. Section III presents the obtained simulation results
for both the single split-circle ring and the dual split-
circle ring reflectarray unit cells. Section IV describes
the equivalent circuit of the proposed double split-circle
rings reflectarray unit cell. A comparative investigation
of the proposed unit cell with existing published work
is presented in section V. Lastly, the conclusions are
explained in section VI.

II. DUAL-BAND SPLIT-CIRCLE RINGS
CONFIGURATION

The reflectarray antenna suggested in [30] is
adopted as a baseline for the current research. In this
design, the original circular shape, divided into four
quadrants, is now modified into a split circular ring and
then transformed into a double split circular ring. The
element is designed on a 0.16 mm thick Taconic TLC-
32 substrate, characterized by a relative permittivity
of εr = 3.2 and a loss tangent tan δ = 0.003. This
substrate is supported by a 3 mm thick foam layer with
εr = 1.05, backed by a conducting ground plane with
a thickness of 0.035 mm. The chosen unit cell dimen-
sions are 18×18 mm, corresponding to approximately
(0.6×0.6)λo, where λo is the free-space wavelength at
the operating frequency of 10 GHz. For the design of the
dual split circular ring structure, the permittivities of the
two substrates are denoted as εr1 and εr2, with heights H1
and H2, respectively. Initially, the total thickness (HT)
and the effective permittivity (εeq) can be determined
using equations (1) and (2) [31]

HT = H1 +H2. (1)

εeq =
εr1H1 + εr2H2

H1 +H2
. (2)

The unit cell dimensions in a split-circle ring reflectarray
are classically governed by the resonant performance
of the ring elements. A ring patch acts as a resonant
loop. Common practice is to relate the ring circum-
ference to the effective wavelength λe. The frequency
features of the dual split-ring antenna were calculated as
follows.

A ring of average radius R has a perimeter 2πR. The
ring resonates when

2πR ∼= mλe, (3)

where m is the harmonic number, which is unity in this
case, and λe is the effective wavelength that can be
calculated as [2]

λe = C/ f0
√

εeff , (4)

where C is the speed of light in meters/second, and f0 is
the resonant frequency of each ring [11]:

f0 =
C

2πR
√

εeff
, (5)

where εeff is the effective permittivity relative to the
ground plane and can be calculated as [2]

εeff =
εeq +1

2
+

εeq −1
2

[
1+12

HT

W

]−1
2
. (6)
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Since the unit cell is designed to operate in the 8–12 GHz
frequency band, the outer ring is designed to operate
at 8 GHz, while the inner ring is designed to operate
at 12 GHz. Substituting into equations (1–6), ε−eq =
1.1599, εeff = 1.124. Thus, the mean radius of the outer
ring is equal to 5.6 mm, while the mean radius of the
inner ring is equal to 3.75 mm.

The design methodology for the dual-band split
circular ring-based reflectarray is illustrated in Fig. 1.
The configuration of the unit cell used for the proposed
phase shifting element is depicted in Fig. 2. This element
consists of two concentric split circular rings, with the
diameters of the inner and outer rings being varied to
achieve the desired phase variation over the specified
operational band. The two rings are separated by a small,
constant gap to facilitate the excitation of two adjacent
resonant frequencies. All the designs presented in this
work were analyzed using CST Studio Suite, modeling
the unit cells within an infinite array structure. The
excitation was modeled using Floquet port boundary
conditions. This approach thoroughly accounts for the
true shape of the radiating elements and the effects of
the mutual coupling and is widely regarded as a sound
simulation methodology for reflectarray antenna design.

Fig. 1. Design methodology of a dual-band split-circle
ring reflectarray element.

Fig. 2. Configuration of the unit cell for the proposed
phasing element (a) front view and (b) side view.

III. SIMULATION RESULTS
A. Single split-circle ring reflectarray unit cell

The investigation starts with a basic unit cell com-
prising a single disk of a split-circle element operating at
a central frequency of 10 GHz within the X-band [30].
The outer sector radius, R1 (d/2), is set to 6.1 mm,
while the inner sector radius is defined as R1 – 0.1R1,
corresponding to a scale factor S = 0.9. The amplitude
and phase responses as functions of frequency are pre-
sented in Fig. 3 (a). The phase of the reflected field is

zero at the nominal operating frequency of 10 GHz and
shows a phase variation of approximately 601◦ across
the frequency range of 8 to 12 GHz. At the resonance
point, the scattered field magnitude drops to a minimum
of −0.4 dB, corresponding to very low attenuation.
Figure 3 (b) explains the variation of the amplitude
and phase of the reflected field at 10 GHz for different
values of the outer diameter. It can be noted that the
reflected phase can be effectively controlled within a
range from −94.7◦ to −660.7◦, corresponding to a phase
range of 566◦, by varying the outer diameter from 4 mm
to 13 mm. Within this range, the amplitude variation is
approximately −0.43 dB.

For enhanced phase response performance, a split-
circle ring is derived from the original disk split-
circle. This split-circle ring is designed specifically for
X-band microstrip reflectarrays. The element introduces
three degrees of freedom to tailor the phase response:
the first is the overall size, the second is the width
of the ring, and the third is the scaling factor for the
inner ring radius, which represents the differences in the
distances between adjacent sectors. These parameters
are carefully considered to select the element shape that
demonstrates optimal performance in terms of lower
phase slope relative to size and frequency, quantified
by the derivatives (∆ϕ/∆L), and (∆ϕ/∆f), respectively.
Figure 4 (a) illustrates the amplitude and phase variation
versus frequency for a split-circle ring with a scale
factor of 0.9. The results reveal that the resonance
frequency shifts toward the lower band, from 10 GHz to
approximately 8.87 GHz, compared to the original disk
element. Figure 4 (b) displays the amplitude and phase
of the reflected field at 10 GHz for this split-circle ring.
It is evident that the reflected phase can be controlled
over a range from −102.3◦ to −729◦, corresponding to
a phase variation of 626.7◦, when the outer diameter is
varied from 4 mm to 13 mm. This represents a phase
range improvement of approximately 60.7◦ compared
to the original disk split-circle. Within this range, the
amplitude variation remains minimal, about −0.04 dB.

Figure 5 (a) examines the phase and amplitude
variation of the reflected field for the split-circle ring
with four different scale factors (S = 1, 0.9, 0.8, 0.7).
The widths of both sectors are fixed at 1.8 mm, and
the ratio between the widths of consecutive sectors
remains constant at 1. It is observed that when S=1,
corresponding to a traditional ring, the phase range is
approximately 274.3◦ (from −60.1◦ to −334.4◦), which
is less than the required 360◦ phase range for the
reflectarray. Conversely, reducing the scale from 1 to 0.7
significantly increases the phase range to approximately
627◦ from (−102◦ to −729◦), with a slight decrease in
the phase slope as the scale is reduced. Figure 5 (b)
depicts the variation of the reflected phase and amplitude
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Fig. 3. Amplitude and phase characteristics of the
reflected field from the split-circle reflectarray unit cell
(a) variation with frequency and (b) variation with outer
diameter at 10 GHz.

for split-circle rings with various sector width ratios
(w1/w2 = 0.7, 0.6, 0.5, 0.4), maintaining a constant
scale factor (S = 0.8). The results indicate that decreas-
ing the width ratio slightly reduces the phase range. The
maximum phase range of approximately 649◦ occurs
at w1/w2 = 0.7, while the minimum of about 617◦ is
observed at w1/w2 = 0.4. Additionally, the phase slope
becomes more linear as the width ratio decreases.

Fig. 4. Amplitude and phase of the scattered field by the
split-circle ring unit cell: (a) frequency variations and
(b) outer diameter variations at 10 GHz.

B. Dual split-circle rings reflected array unit cell
To enhance the phase characteristics of a unit

cell, uniplanar phasing elements in the form of double

Fig. 5. Amplitude and phase of the scattered field from
the split-circle ring unit cell: (a) outer diameter varia-
tions for four different scales (S = 1, 0.9, 0.8, 0.7) and
(b) outer diameter variations for four different widths
(w1/w2 = 0.7, 0.6, 0.5, 0.4) at 10 GHz.

split-circle rings are considered, as illustrated in Figs. 6,
7, and 8. This study investigates three distinct structures.
Figure 6 presents the amplitude and phase responses of
a unit cell containing two concentric split-circle rings,
conforming to the first case. In this configuration, the
scale factor of the outer ring (S1) is equal to 0.92, which
relates to the gap between two adjacent outer sectors,
while the scale factor of the inner ring (S2) is equal to
0.84. The ratio of the width of the inner ring (wi) to
that of the outer ring (wo) is equal to 0.7 (wi/wo = 0.7).
Additionally, the size ratio of the inner to outer rings is
approximately 0.67. In the inner ring, each sector makes
contact only with its adjacent sector. Three resonant
frequencies are observed in Fig. 6 (a): the first, at 8 GHz,
is primarily attributed to the outer ring, and the second
and third, at 11 GHz and 12 GHz, are attributed to the
inner ring. Differences in the splitting of the sectors
create two distinct current paths within the inner ring,
resulting in dual resonances. Figure 6 (b) illustrates the
phase variation of the reflected wave from the unit cell
as a function of the outer diameter (d = 2*R1) at four
frequencies (10, 11, 12, and 13 GHz), with the calculated
values listed in Table 1. It is apparent that increasing the
frequency from 10 GHz to 13 GHz broadens the phase
range from approximately 979.5◦ to 1338.3◦, with the
phase slope increasing from 42.65◦/mm at 10 GHz to
82.95◦/mm at 13 GHz. The phase range enhancement of
approximately 35% is significant compared to a single
split-circle ring at 10 GHz.
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Fig. 6. Amplitude and phase of the scattered field by the
double split-circle rings unit cell (case 1): (a) frequency
variations in CST and HFSS; (b) variation with outer
diameter at frequencies 10, 11, 12, and 13 GHz in CST;
and (c) variations with outer diameter at frequencies 10,
11, 12, and 13 GHz in HFSS.

To validate the simulation results, another sim-
ulation was performed for the design shown in the
first case using the HFSS software package, and the
obtained results are shown in Figs. 6 (a) and (c) and
Table 2. The figure shows a good match between the
results of the two software packages, although the results
obtained using the CST simulation seem better in terms
of the frequency range being higher and the slope being
lower. It is known that the HFSS package uses the
finite element method, while the CST uses the finite
integration technique, which means that two different
approaches are used. Therefore, one approach can be
considered as a confirmation of the other one. The good
agreement between the results obtained from both can
be considered a validation.

In the second structure, the widths of the two inner
ring sectors differ, with the narrow sector’s width being

Table 1: Characteristics and phase response of the dou-
ble split-circle rings reflectarray unit cell in CST (case 1)

Case 1 CST
Parameter 10 GHz 11 GHz 12 GHz 13 GHz

Slope (◦/mm) 42.65 55.73 67.5 82.95
Slope (◦/GHz) 48 107 90 119
Max. phase (◦) −59.5 −84.8 −110.6 −136.7
Min. phase (◦) −1039 −1394 −1442 −1475
Phase range (◦) 979.5 1309 1331.4 1338.3

Table 2: Characteristics and phase response of double
split-circle rings reflectarray unit cell in HFSS (case 1)

Case 1 HFSS
Parameter 10 GHz 11 GHz 12 GHz 13 GHz

Slope (◦/mm) 50.3 60.12 79 92.22
Slope (◦/GHz) 82.33 175 207 78
Max. phase (◦) −63.4 −62 −73 −73.5
Min. phase (◦) −1031 −1158 −1183 −1202
Phase range (◦) 967.6 −1096 −1110 1128.5

Fig. 7. Amplitude and phase of the field scattered by
the double split-circle rings reflectarray unit cell (case
2): (a) frequency variations and (b) outer diameter vari-
ations at frequencies 10, 11, 12, and 13 GHz.

0.4 times that of the wider sector (w1/w2 = 0.4),
and the ratios of their widths to the outer ring being
w1/wo = 0.72 and w2/wo = 1.83, respectively. Figure 7
shows the amplitude and phase characteristics as a
function of frequency and the outer diameter (d = 2*R1),
with the corresponding data listed in Table 3.

Figure 7 (a) demonstrates four resonance frequen-
cies. The first resonance happens at 7.57 GHz, followed



149 ACES JOURNAL, Vol. 41, No. 2, February 2026

by the next resonance at 8.47 GHz. These double fre-
quencies are attributed to the outer ring shape. The
third and fourth resonances are detected at 11.57 GHz
and 14.1 GHz, respectively, and are related to the inner
ring. Figure 7 (b) illustrates the variation of the outer
diameter in relation to the phase of the reflected field at
frequencies of 10 GHz, 11 GHz, 12 GHz, and 13 GHz.
The phase slope (∆ϕ/∆d) values at the four frequen-
cies decrease as compared to the first case, indicating
increased linearity, and the overall phase range declines
compared to the first case. In the third case, the inner
ring size is set to 62.5% of the outer ring size, with the
outer ring width at 0.25R1 and the inner ring width at
0.15R1. Figure 8 (a) reveals two resonance frequencies
at approximately 8.15 GHz and 11.8 GHz. Figure 8 (b)
presents the phase responses at four frequencies (10,
11, 12, and 13 GHz), with the corresponding values
listed in Table 4. The minimum phase range is approx-
imately 897◦ at 10 GHz. As the frequency increases
from 10 GHz to 13 GHz, the phase range increases to
a maximum of approximately 1276◦ at 13 GHz.

Fig. 8. Amplitude and phase of the field scattered by
the double split-circle rings reflectarray unit cell (case
3): (a) frequency variations and (b) outer diameter vari-
ations at frequencies 10, 11, 12, and 13 GHz.

C. Bandwidth of dual split-circle rings reflected
array unit cell

It has been demonstrated in [32] that the major fac-
tor influencing the bandwidth of a microstrip reflectarray
is the bandwidth of the singular radiating elements. The
bandwidth can be expressed as the frequency range over

Table 3: Characteristics and phase response of double
split-circle rings reflectarray unit cell (case 2)

Case 2
Parameter 10 GHz 11 GHz 12 GHz 13 GHz

Slope (o/mm) 41 52 62 72
Slope (o/GHz) 66 73 86 93.7
Max. phase (◦) −60 −85.3 −111 −137.4
Min. phase (◦) −945 −1094 −1254 −1398
Phase range (◦) 885 1008.7 1143 1261

Table 4: Characteristics and phase response of double
split-circle rings reflectarray unit cell (case 3)

Case 3
Parameter 10 GHz 11 GHz 12 GHz 13 GHz

Slope (o/mm) 44.5 52 68 78
Slope (◦/GHz) 63 68.5 69.5 80.3
Max. phase (◦) −31 −54.5 −77.6 −101.8
Min. phase (◦) −928 −1004 −1345 −1378
Phase range (◦) 897 949.5 1267.4 1276.2

which the phase variation reaches a specified value; φ . φ

was considered to be π in [32]. The bandwidth is defined
as (B.W. = f2–f1), where f1 and f2 are the frequencies
corresponding to phase variation of ±90◦, and can be
determined from the curves presented in Figs. (3 (a),
6 (a), 7 (a), and 8 (a)). Table 5 summarizes the reflection
phase bandwidths of the split-circle and double split-
circle ring reflectarray unit cells for the three cases
discussed above. It can be seen that adding a second ring
results in a wider band, and the third case achieved the
highest bandwidth of 26.8%.

Table 5: The achieved bandwidth for the unit cells of the
three proposed designs compared to that for the split-
circle at 10 GHz

Φ at fr
[◦]

f1 at
ϕ+90

GHz

f2 at
ϕ−90

GHz

B.W. =
f2–f1

B.W
%

Split-circle
element at

s = 0.9

−423 9.93 10.06 0.13 1.3

Case 1 −773 8.78 10.64 1.86 18.6
Case 2 −755 8.66 10.9 2.24 22.4
Case 3 −710 8.54 11.22 2.68 26.8

IV. EQUIVALENT CIRCUIT OF THE UNIT
CELL

To better understand the proposed design, the struc-
ture is represented as an equivalent circuit. The equiv-
alent circuit diagram of the proposed double split-
circle rings reflectarray unit cell (the second design) is
simulated using the Advanced Design System (ADS)
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software and is presented in Fig. 9. As each ring is
split, the external split-ring is modeled via a pair of
series RLC circuits, and the internal split-ring is simi-
larly modeled by a pair of series RLC circuit, the two
parallel branches combination are connected through
capacitance C1, which characterizes the mutual coupling
between the dual-rings. The resonant modes are mode-1
at fr1 = 7.62 GHz, mode-2 at fr2 = 8.2 GHz, mode-3 at
fr3 = 10.9 GHz, and mode-4 at fr4 = 11.8 GHz, which
are characterized by the electrical triplets parameters
(R1, L1, C1), (R2, L2, C2), (R3, L3, C3), and (R4,
L4, C4), respectively. The antenna transmission line is
represented by inductance L1 and capacitance C2, where
L1 accounts for higher-order modes, and C2 corresponds
to the quasi-static input capacitance, while Term1 sym-
bolizes the Floquet port. The electrical parameters are
tuned to support the resonance frequencies of modes
1, 2, 3, and 4. Figure 10 compares S11 magnitude
and phase plots between the ADS equivalent circuit
and CST simulation results. The figure shows that the
results from the equivalent circuit model are in good
agreement with those from CST. A small discrepancy in
magnitude (<0.03 dB) is seen at the second frequency
band, which can be attributed to higher-order modes of
the structure. It is noted that the proposed equivalent-
circuit model, as defined, is an approximate represen-
tation circuit. Although it does not perfectly match the
CST simulations, it remains a useful tool for explaining
the structure’s operating principle and confirming the
results.

Fig. 9. Equivalent circuit model of the proposed unit cell
reflectarray.

V. COMPARISON WITH OTHER
PUBLISHED WORK

The performance of the proposed reflectarray
antenna is compared with that of other designs reported
in the literature, as summarized in Table 6. This specifies
that the established design attains the broadest phase
range, nearly 885◦, and the lowest phase slope 41◦

per mm, over the X-band frequency range (8–12 GHz)

Fig. 10. Reflection coefficient values (in amplitude and
phase) obtained from the equivalent circuit compared to
those found from the CST simulations.

among all configurations studied. The smooth phase
of the proposed unit cell results in the lowest phase
sensitivity of 66◦ per GHz compared with the values
reported in [36, 37]. It is perceived that the proposed
antenna combines the improvements of both phase-
range enhancement approaches and displays superior
performance in terms of slope, dispersion, and design
simplicity relative to most designs.

The advantages of the proposed design stem from
the dual-ring feature, which inherently exhibits dual-
resonance behavior. Moreover, splitting the ring further
enhances multi-resonance performance. Although the
dual circular ring features have been used in other
designs [13, 16, 28, 37], but the split-ring has enhanced
the phase response compared to other designs.

VI. CONCLUSION
The paper demonstrated a low-profile, single-layer

microstrip reflectarray element incorporating dual split
circular rings as the fundamental unit cell. The design
aimed to enhance phase range coverage and bandwidth
performance by altering the geometric parameters of the
split-rings. The inclusion of dual concentric split-circle
rings creates multiple resonant modes, thereby extend-
ing the bandwidth and supporting a near-linear phase
response over a wide frequency range. The proposed
design comprises double split-ring shapes printed onto
a thin (0.16 mm) Taconic TLC-32 substrate, supported
by a 3 mm thick layer of low-permittivity foam (rel-
ative permittivity of 1.05). By adjusting the geometric
parameters of the rings, the phase characteristic can be
approximated as a linear function of the ring dimensions.
The study tests three distinct cases, which offered a min-
imum phase range of 885◦ and a phase slope of 41◦/mm
at 10 GHz, along with a relative bandwidth of 18.65%.
The results demonstrated significant improvements in
phase coverage and bandwidth performance compared
to previous reflectarray designs.



151 ACES JOURNAL, Vol. 41, No. 2, February 2026

Table 6: Comparing the proposed design with other published works

Ref. Year Configuration Unit Phase Center Area mm2 Slope Slope Unit εr1

Cell Range
(◦)

Freq.
(GHz)

λo * λo ◦/mm ◦/GHz Cell
Thick-

ness
(mm)

[33] 2022 Clip-shaped elements 398 10 9*9
(0.3*0.3)

NA NA 3.175 2.2

[19] 2021 Multi-resonance unit ∼= 400 9,11.5,14 15*15 NA NA 3.5 2.2

[34] 2016 Two circular rings with a
pair of gaps and two
identical phase-delay lines

550 10 15*15
(0.5*0.5)

NA 44 3.5 3.48

[35] 2019 Double Minkowski rings 397 5.8 15*15
(0.29*0.29)

∼= 66 NA 5.6 4.4

[36] 2024 Bowtie double ring 700 8 20*20
(0.5*0.5)

145 357_1st

473_2nd
3.16 2.2

[28] 2014 Multiresonance
square-rings elements

500 13.5 11*11
(0.5*0.5)

∼=114 NA 3.75 2.2

[16] 2008 Dual circular rings. 600 10 15*15
(0.5*0.5)

∼= 80 NA 3.16 3.4

[13] 2017 Phase-delay line attached
to a circular ring loaded
with a circular disc
microstrip

440 11.5 15*15
(0.58*0.58)

NA NA 3.683 2.2

[15] 2020 Slotted square patch with
four delay line

650 10 9*9
(0.3*0.3)

NA 57 5.4 4.3

[37] 2011 Double rings tapered
corners

421.5 10 15*15
(0.5*0.5)

52 79 4 2.2

[38] 2020 Circular ring with 4 sectors 590 28 5.25*5.25
(0.5*0.5)

120
(estimated
from Fig.

6)

NA 1.6 2.55

[39] 2020 Cross + 4 squares 348.6 26.5-
29.5

5.25*5.25
(0.5 * 0.5)

NA. NA 0.127 2.2

[40] 2019 Double conformal rings 600 10 12*12
(0.59*0.59)

200
(estimated

from
Fig. 3)

NA Two
3 mm
thick
layers
sepa-

rated by
3 mm

2.2

This Work (case 2) Dual split-circle rings 885 10 18*18
(0.6*0.6)

41 66 3.16 3.2
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The equivalent circuit results showed that the dual
split-ring unit cell has four resonance frequencies corre-
sponding to the two split-rings.

The split circular ring unit cell utilizes multi-
resonance configurations to avoid the complex and
costly fabrication of multi-layer reflectarrays while still
achieving wide bandwidth, thereby making it suitable
for a range of applications, including satellite commu-
nications, radar systems, and remote sensing.
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Abstract – This paper proposes a 3 dB coupler with
high-power handling capability feeds applied to high-
power intelligent metasurface, based on loosely coupled
structures and defected ground structure (DGS). The
proposed coupler structure consists of two tandem cou-
pled couplers with a coupling coefficient of 8.34 dB and
a DGS, a design that significantly enhances the couplers’
ability to handle high power levels. The measurement
results are in good agreement with the simulation results:
within the 3.5 to 4.5 GHz range, the return loss exceeds
21.4 dB, the isolation is at least 20.8 dB, the insertion
loss is less than 0.3 dB, and the phase difference between
output ports is 93–94.5◦. Furthermore, the coupler can
handle high power exceeding 1.5 kW with a 10% duty
cycle. The proposed 3 dB coupler features low insertion
loss, high isolation, low return loss, high-power capabil-
ity, and can improve the power capability of intelligent
metasurface systems.

Index Terms – 3 dB coupler, defected ground structure
(DGS), high power, metasurface.

I. INTRODUCTION
In next-generation communication systems, the

application of metasurface will attract significant

attention. Compared to traditional phased array beam
scanning methods, metasurface-based beam scanning
systems rely on a single active amplifier for feeding,
thereby imposing higher output power requirements on
the amplifier than conventional active phased array beam
scanning. To advance the engineering application of
metasurface, high-power electromagnetic energy feed-
ing sources will be indispensable, as show in Fig. 1.
Therefore, high-power couplers play a critical role in
metasurface-based communication systems for power
combining [1].

Fig. 1. Metasurface beam scanning system.

With the rapid advancement of modern communica-
tion systems, miniaturization has become an irreversible
trend, driving the transition from traditional discrete
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components to hybrid integrated circuits (HICs). HICs
integrate multiple functional modules into a single pack-
age, significantly reducing system size while enhancing
performance and reliability [2]. In the radio frequency
(RF) domain, couplers are typically constructed using
coaxial lines, waveguides, and microstrip lines. Coaxial
lines and waveguides exhibit high-power handling capa-
bility but are bulky and unsuitable for HICs [3], whereas
microstrip couplers are more suitable for HICs due to
their compact structure [4]. Conventionally, couplers
fabricated by printed circuit board (PCB) suffer from
poor heat dissipation, are prone to overheating and line
burnout at high power, and have large dimensions [5].
For heat dissipation requirements, thin-film technology
on alumina ceramic substrates is an optimal choice:
99.6% pure alumina ceramics with a thermal conduc-
tivity of 37 W/(m·K) offer advantages of good heat dis-
sipation, low loss, small size, and excellent performance
in high-temperature environments [6, 7].

Traditional Lange couplers are difficult to manufac-
ture due to the narrow spacing and width of coupling
lines and are prone to arc breakdown at high power [8].
Therefore, the proposed 3 dB coupler employs two
tandem connected loose couplers to solve the problem
of close coupling line spacing, and a defected ground
structure (DGS) is introduced to further increase the
coupling line spacing and enhance power handling
capability, achieving a high-power handling capability
of 1.5 kW. The proposed coupler based on thin-film
technology on alumina ceramic substrates features high-
power handling capability, low insertion loss, and small
size, with measurement results in good agreement with
simulations.

II. CIRCUIT ANALYSIS AND DESIGN FOR
HIGH POWER

A. Structure of the proposed 3 dB coupler

Fig. 2. Four-port network. (a) Single coupler and
(b) two-stage tandem coupler.

Figure 2 (a) shows a four-port coupler structure.
Assume that the signal level of Port 1 is 1, the signal
level of Port 4 is 0 and the coupling coefficient is C.
Therefore, the signal level of Port 2 is C, and the signal
level of Port 3 is

√
1−C2 [9, 10]. Then the scattering

parameter matrix of this coupler can be written:

S =


0 C j

√
1−C2 0

C 0 0 j
√

1−C2

j
√

1−C2 0 0 C
0 j

√
1−C2 C 0

 .

(1)
Two identical couplers are connected in series as

shown in Fig. 2 (b), and the signal levels of its two output
ports can be calculated from (1):

V2b =V1b ·S21 +V4b ·S24 = 2C2 −1. (2)

V3b =V1b ·S31 +V4b ·S34 = j2C
√

1−C2. (3)

For a 3 dB coupler, both output ports are equal in
level amplitude:

|V2b|= |V3b|. (4)

The values of C are obtained from (4), C = 0.3827
(−8.34 dB) or 0.9239 (−0.69 dB). Therefore, a 3 dB
coupler can be composed of tandem two loose couplers,
thus increasing the coupling line spacing and power
handling capability. A 3 dB coupler, designed by cascad-
ing two 8.34 dB couplers, demonstrates the simulated
electric field (E-field) distribution shown in Fig. 3, with
a 1.5 kW pulse wave at a 10% duty cycle fed into the
input port.

Fig. 3. E-field distribution simulation of the 3 dB cou-
pler.

The 3 dB coupler has a coupling line spacing of
122 µm. In Fig. 3, the maximum field strength is
2.77×106 V/m, which is close to the breakdown field
strength of air (3× 106 V/m). In practice, the coupler
must be designed with a maximum field strength of
less than 70% of the ultimate breakdown field strength
to ensure stable operation over long periods of time.
Therefore, the coupling line spacing needs to be further
increased to reduce the maximum field strength.
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B. Analysis of DGS
From [11, 12], the coupling coefficients of a typical

coupler can be calculated as follows:

|C|=
∣∣∣∣Zeven −Zodd

Zeven +Zodd

∣∣∣∣ , (5)

where Zeven, Zodd are the even and odd mode
impedances, respectively. Further transformations of (5)
are given:

|C|=
∣∣∣∣k−1
k+1

∣∣∣∣ , k =
Zeven

Zodd
. (6)

Clearly, the coupling coefficient C is increasing
with k. The DGS enhances the field coupling between
the coupling lines as seen in [13]. The effect of DGS on
coupling lines is:

k2 > k1, (7)

where k2 means with DGS and k1 means without DGS.
The result is obtained by substituting equation (7) into
equation (6):

C2 >C1, (8)

where C2 means with DGS and C1 means without DGS.
The results indicate that adding DGS below the coupled
microstrip lines can improve the coupling effect between
them. Therefore, couplers with DGS can achieve 3 dB
coupling with wider coupling line spacing to increase
power tolerance.

Fig. 4. The influence of DGS size on coupling coeffi-
cient: (a) when L = 4 mm and (b) when W = 1.4 mm.

To obtain the optimal DGS size, the width and
length of the DGS are independently swept for simula-
tion. The effect of DGS size on the coupling coefficient
is shown in Fig. 4. The highest coupling coefficient is
obtained using a DGS with W = 1.4 mm and L = 4 mm.
For microstrip lines, the coupling reduces as the lines
separate [14]. Therefore, using a DGS with W = 1.4 mm
and L = 4 mm maximizes the coupled line spacing [8].
The proposed 3 dB tandem coupler layout is shown in
Fig. 5 with three layers: top metal, alumina ceramic

substrate, and bottom metal with DGS. Ultimately, the
designed 3 dB coupler has a coupling line spacing of
200 µm, which is a 64% increase compared to the
coupling line spacing of the coupler without DGS.

Fig. 5. Layout of the 3 dB coupler with DGS.

C. Simulation verification for high power

Fig. 6. E-field distribution simulation of the 3 dB cou-
pler: (a) with DGS and (b) without DGS.

To validate the effect of DGS on enhancing the
coupler’s power handling capability, a 1.5 kW pulse
wave with a 10% duty cycle is applied to the input
port, and the simulated E-field distribution is shown
in Fig. 6 (a). The highest E-field intensity is primarily
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concentrated between the coupled lines, reaching a value
of 1.96 × 106 V/m. For comparison, an E-field distri-
bution simulation was performed for the 3 dB coupler
without DGS, with the input power adjusted to achieve
the same maximum field intensity as in Fig. 6 (a).
The simulation results are shown in Fig. 6 (b). For the
3 dB coupler without DGS, the maximum field strength
of 1.96×106 V/m was reached when the input power
was 0.9 kW. The implementation of DGS effectively
improves the power handling capability of the coupler,
increasing it by 67% compared to the coupler without
DGS, thus meeting the requirements for sustained high-
power operation. But DGS may increase fabricating
complexity due to sensitivity to dimensional tolerances
(as hinted in Fig. 4) and could be less effective at
frequencies outside the 3.5–4.5 GHz band due to sub-
strate constraints. Additionally, DGS structures might
not scale well to lower frequencies without larger sizes.

The results of the temperature distribution simula-
tion of the proposed coupler are shown in Fig. 7. The
ambient temperature is set to 70◦C, using the same input
conditions as the E-field simulation. The thermal con-
ductivity of the alumina substrate is set at 37 W/(m·K),
while that of the top and bottom metallic layers is
established at 400 W/(m·K). The maximum temperature
is 87.6◦C at the coupling line, which is lower than
the limiting temperature of the process (260◦C). The
above simulation results verify the high-power handling
capability of the proposed coupler.

Fig. 7. Temperature distribution simulation.

III. FABRICATION AND MEASUREMENT
RESULTS

The proposed 3 dB coupler is fabricated by an
alumina ceramic substrate with a thickness of 635 µm,
a purity of 99.6%, and relative dielectric permittivity
εr = 9.8. Alumina ceramic substrates (99.6% purity)
offer a high thermal conductivity of 37 W/(m·K). This

property is critical for high-power handling, as it effi-
ciently dissipates heat generated during operation, pre-
venting overheating and line burnout, a common issue
in PCB-based couplers. The alumina ceramic’s high
thermal conductivity directly enhances power handling.
This substrate allows for good heat dissipation, low
loss, small size, and excellent performance in high-
temperature environments. For HICs, alumina ceramics
support miniaturization and reliability. Alumina sub-
strates facilitate this through thin-film technology, allow-
ing for compact dimensions and compatibility with high-
frequency applications.

The top layer is plated with 2 µm of gold using thin-
film technology and the bonding wires are 500 × 25 µm
gold strips. The design process involved optimizing
DGS dimensions to maximize coupling coefficients,
Manufacturing tolerances, such as changes in film line
width and DGS position alignment, may affect coupling
efficiency and field distribution. A 10% tolerance online
spacing in thin film processes can alter the maximum
electric field strength. The fabricated 3 dB coupler is
shown in Fig. 8, with dimensions of w2 ×w1 = 6.15×
12.15 mm2, which is well suited to HIC. The detailed
physical parameters are (Unit: mm): w3 = 0.2, w4 = 0.6,
w5 = 10, w6 = 1.2, w7 = 9.4.

Fig. 8. Photograph of the fabricated 3 dB coupler.

Figure 9 shows the small-signal measure results
of the fabricated 3 dB coupler. The measured S31 and
S21 are −3.29 dB and −3.3 dB at 4 GHz, with good
performance. The coupling coefficient is 3.29–3.49 dB,
and the insertion loss is less than 0.3 dB, across the
frequency range of 3.5 to 4.5 GHz. Return loss and
isolation also perform well, greater than 21.4 dB and
20.8 dB, respectively. And ∠S31 −∠S21 (phase differ-
ence) is 93–94.5◦ within the operating frequency.

The fabricated coupler was tested for high-power
operation and operated continuously for 120 minutes
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(c)

Fig. 9. Small-signal simulation and measured results:
(a) |S21| and |S31|, (b) |S11| and |S41|, and (c) phase
difference (∠S31 −∠S21).

at an input of 1.5 kW with a 10% duty cycle with-
out any abnormalities, with lower duty cycles reduc-
ing thermal accumulation and achieving higher peak
power tolerance. The duty cycle directly affects ther-
mal management and continuous operation. Our power
endurance test ran stably at an ambient temperature of
70◦C and a relative humidity of 40%. Humidity may
affect dielectric performance or arc risk. High humid-
ity may lower the air breakdown threshold (currently
designed to be below 70% of 3× 106 V/m according to
section II.A), affecting long-term reliability. Therefore,

Fig. 10. Temperature distribution measured results at
high power.

it is required to use airtight sealing or substrate coating
to ensure low humidity levels. However, arcing occurs
when the input power is increased to 2 kW. The results
of the high-power temperature test, conducted with a
1.5 kW pulsed wave input and a constant temperature
surface maintained at 70◦C at the bottom, are presented
in Fig. 10. In agreement with the simulation results,
the peak temperature is 89.2◦C at the position of the
coupling line, which is less than the tolerable temper-
ature of alumina ceramics. The coupler operates well
without any detachment, proving that the coupler can
withstand high power exceeding 1.5 kW. Compared with
other work, the results are also competitive as shown in
Table 1.

Table 1: Comparison with high-power and 3 dB couplers

Ref. Technology Center
Fre-

quency
(GHz)

Band
Width

(%)

Power
Han-
dling

Capabil-
ity (kW)

Coupling
Coeffi-
cient
(dB)

Through
(dB)

Isolation
(dB)

Phase
Differ-

ence (◦)

Size

[3] Coaxial Line 0.0775 187.1 2 45±1.3 <0.65 >80 N/A 0.04 (λ 0)

[15] Coaxial Line 0.55 163.6 0.3 20 <0.3 40 N/A 0.14 (λ 0)

[4] Microstrip
(PCB)

0.44 7.8 1 25 0.2 66.2 N/A 0.04×0.03
(λ 0

2)

[12] Microstrip
(Al2O3)

2.5 48 N/A 4 2.5 21.4 89.2-89.5 0.11 (λ 0)

[16] Cross-slot
(PCB)

3.44 30 N/A 3.59 3.39 29.18 89.1 0.19×0.17
(λ 0

2)

[17] SISPSL
(PCB)

5 16.45 N/A 3.7±0.22 3.606±0.08 15-45 90±0.5 0.40×0.40
(λ 0

2)

This Work Microstrip
(Al2O3)

4 25 1.5 3.29-3.49 3.08-3.3 >20.8 93-94.5 0.08×0.16
(λ 0

2)

SISPSL: Substrate Integrated Suspended Parallel Strip Line. λ 0 is the wavelength in air at the center frequency.
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IV. CONCLUSION
This paper presents a novel 3 dB coupler with a

power handling capacity exceeding 1.5 kW. Two inno-
vative solutions are proposed to address the challenge
of excessively narrow coupling line spacing: cascading
two loosely coupled coupler structures in tandem config-
uration and introducing a DGS to enhance the coupling
coefficient of the transmission lines by 64%. Conse-
quently, the power handling capability is improved by
67% compared to 3 dB couplers without DGS. Com-
prehensive electromagnetic simulations and experimen-
tal measurements validate the excellent performance in
terms of S-parameters and high-temperature character-
istics. This study can effectively enhance the power
handling capacity of metasurface-based communication
systems, thereby extending their coverage range.
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Abstract – This paper presents a dual-polarized 1×4
antenna array with wide bandwidth and high isolation.
The antenna element consists of three metallic layers, a
4×4-unit metasurface (MTS) on the top layer, a patch
fed by two ports on the middle layer, and a ground
plane on the bottom layer. By exciting different feeding
ports, the antenna achieves X-axis linear polarizations
(X-LP) or Y-axis linear polarizations (Y-LP). Isolation
slots etched on the patch, combined with a via-hole
structure, effectively block the coupling between ports
and improve port isolation. Experimental results demon-
strate that the proposed antenna achieves an impedance
bandwidth of 17.4% (4.975–5.925 GHz), with S11 <
−10 dB and S21 < −20 dB. The measured peak gain
attains 12.5 dBi.

Index Terms – Antenna array, dual polarization, high
isolation, low profile, metasurface (MTS).

I. INTRODUCTION
Dual-polarized antennas enable Multiple-Input

Multiple-Output (MIMO) polarization diversity by
simultaneously transmitting and receiving two orthog-
onal polarizations, such as horizontal/vertical polar-
ization and ±45◦ cross-polarization. This capability
helps reduce co-channel interference, mitigate multipath
effects, and improve communication capacity along with
data transmission rates. As a result, such antennas are
widely used in macro and micro base stations, access
point (AP) systems, and terminal devices for applica-
tions in mobile communications, Wireless Local Area
Networks (WLAN), and Internet of Things (IoT). The
design of dual-polarized antennas entails addressing
several challenges: minimizing port coupling, suppress-
ing cross-polarization, and simultaneously achieving

wideband impedance matching and high gain, all with
the overarching goal of satisfying the stringent applica-
tion demands of modern communication systems.

Extensive research has been conducted on dual-
polarized antennas, which mainly fall into two cate-
gories: dipole antennas [1–7] and planar patch antennas
[8–14]. For dipole antennas, two orthogonal radiators
are employed to achieve dual polarization. These two
radiators are isolated from each other without any metal-
lic connection, and their respective feeding strips are
arranged in a crossed pattern on different layers, result-
ing in high port isolation. Metallic reflectors are placed
beneath the radiators, and a large air gap is maintained
between the reflectors and radiators to achieve direc-
tional radiation. However, this leads to the drawback of
a large antenna volume.

Planar patch antennas feature a compact size, as
they utilize a single patch with two feeding ports to real-
ize dual polarization. Since the two polarizations share
the same patch, strong mutual coupling occurs. Exist-
ing decoupling techniques include metamaterial-based
electromagnetic bandgap (EBG) structures between the
radiation patch and ground plane [8], shorting pins
loaded between the radiator and ground [9], open- and
short-circuited stubs added to the feeding strips [10],
the use of coupled feeding methods [11–13], and slot
etching on the patch combined with shorted feeding
strips [14].

Antenna arrays are designed to improve antenna
gain. Coupling between antenna elements needs to be
considered in array antenna design. The commonly
used decoupling techniques include adopting parasitic
patches [10, 15–18], defected ground structures [19, 20],
adding isolating walls and metasurface (MTS) [21, 22],
and reducing the radiator’s size by means of bending its
shape [23].
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In applications involving antennas for wearable
devices, unmanned aerial vehicles (UAVs), compact
passenger vehicles, automobiles, and micro-satellites,
miniaturization of antennas is a core requirement. Patch
antennas without an air gap are more suitable for inte-
gration in these scenarios. However, they suffer from a
narrow bandwidth. The antennas exhibit much narrower
bandwidths: 1.4% (lower band) and 0.8% (upper band)
in [8], and 2.2% in [10]. In contrast, antennas with an
air gap achieve significantly wider bandwidths: 51.3%
in [9], 38.7% in [11], and 21.9% in [14].

This paper aims to design a dual-polarized patch
antenna with wide bandwidth and high isolation. An
MTS is adopted to enhance antenna bandwidth. Mean-
while, isolation slots are etched on the radiating patch,
and a via-hole structure is integrated to improve isola-
tion. Additionally, a 1×4 antenna array is proposed to
improve antenna gain.

II. ANTENNA ELEMENT DESIGN AND
MEASUREMENT

A. Configuration of antenna element
The configuration of the proposed antenna is shown

in Fig. 1. The antenna consists of three metal layers, a
4×4-unit MTS on the top layer, a square patch loaded
with slots on the middle layer and a ground plane
on the bottom layer, printed on two pieces of FR-4
(εr = 4.4, tanδ = 0.02) substrate. The two substrates
are tightly bonded without air gap between them. Linear
polarization (LP) along x/y axial is obtained by feeding
Port 1/Port 2. The patch is etched with 3×3 slots, with
each slot loaded with a via hole, to enhance isolation
between the two feeding ports. The antenna dimensions
are d1 = 0.5 mm, d2 = 1.7 mm, d3 = 3 mm, g =
0.2 mm, h1 = 1.5 mm, h2 = 0.8 mm, L1 = 2 mm,
L2 = 8 mm, L3 = 0.2 mm, P = 7.6 mm, W = 32 mm,
Wp = 12 mm, W1 = 4 mm, W2 = 1.8 mm, W3 = 1.5 mm,
and W4 = 1 mm.

Fig. 1. Configuration of the proposed antenna.

B. Bandwidth enhancement using MTS
Two reference antennas are illustrated in Fig. 2.

Ant.2 is derived from the proposed antenna by removing

the slots and via-holes. Ant.1 is obtained by further
removing the MTS from Ant.2. The S-parameters of
these two antennas are presented in Fig. 3. For Ant.1,
its resonant frequency is 5.15 GHz, and its bandwidth is
5.1–5.25 GHz (with S11 < −10 dB). For Ant.2, adding
the MTS layer excites a second resonance at 5.95 GHz.
Its bandwidth is improved to 4.85–6.3 GHz. However,
the coupling between Port 1 and Port 2 of Ant.2 is
stronger than that of Ant.1. Specifically, S12 > −15 dB
in 5.2–5.35 GHz and S12 > −20 dB in 5.1–5.65 GHz.

Fig. 2. Reference antennas in bandwidth enhancement
design (a) Ant.1 and (b) Ant.2.

Fig. 3. Simulated S parameters of Ant.1 and Ant.2.

The size of the radiation patch can be calculated
using the following formula [24]:

Wp =
c

2 f0

√
2

εr +1
. (1)

In consideration of the dual-port, dual-polarized
design and required structural symmetry, the square
radiation patch is dimensioned as Wp = 16.6 mm.

Loading MTS is an effective method to improve
the antenna bandwidth. After adding the MTS structure,
the antenna frequency shifts toward the low-frequency.
Wp is optimized to adjust the frequency. As shown in
Fig. 4, with Wp = 12 mm, the S11 is below −10 dB
over 4.54–6.17 GHz. It provides the optimal bandwidth
and impedance matching performance. Wp = 12 mm is
adopted as the width of the antenna radiation patch.

As shown in Figs. 5 and 6, the dimensions of the
MTS structure affect S11. When P = 7.6 mm, S11 is
below −10 dB in 4.54–6.17 GHz. This is the widest
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Fig. 4. The effect of Wp on S11.

bandwidth among all cases. As shown in Fig. 6, the
antenna exhibits the optimal impedance matching at g =
0.2 mm, with S11 below −10 dB over 4.54–6.17 GHz.
Therefore, P = 7.6 mm and g = 0.2 mm are determined.

Fig. 5. Effect of P on S11.

Fig. 6. Effect of g on S11.

C. Decoupling enhancement adopting slots with via
holes

Based on Ant.2, geometry of the radiation patch is
designed for decoupling as shown in Fig. 7. For Ant.3,
two independent slots lading with via holes are etched
in the patch. As shown in Fig. 8, compared with Ant.2,
the S12 of Ant.3 decreases in 5.3–5.85 GHz. However,
it remains higher than −20 dB in 4.8–5.5 GHz. With
the addition of shorted slots, the coupling is further
reduced. Ant.4, which incorporates 3 slots, exhibits a
1.6 dB lower coupling than Ant.3 in 5.45–5.5 GHz.

Nevertheless, its coupling is still above −20 dB in
4.9–5.45 GHz. Ant.5, which is configured with a 3×3
array of independent slots, exhibits further reduced
coupling. However, its S12 remains slightly higher than
−20 dB in 5–5.25 GHz.

The proposed antenna is modified from Ant.5.
Metal segments 1 and 2, located below the patch’s
diagonal, are connected. The rectangular ring slot is
extended accordingly. For this antenna, the port isolation
|S12| is below −20 dB over 4.3–5.61 GHz.

Fig. 7. Decoupling geometries of the radiation patch
(a) Ant.3, (b) Ant.4, (c) Ant.5, (d) Proposed.

Fig. 8. Isolation of Ant.2-5 and prop. antenna.

Figure 9 illustrates the effect of the distance
between vias (d2) on S11. d2 = 1.7 mm provides the
minimum S11 and optimal impedance matching and is
thus adopted.

Fig. 9. The effect of d2 on S11.

Figure 10 illustrates the variation of the antenna’s
port isolation with the slot extension length (L3). When
L3 = 0 mm, the nine square slots are in an independent
state, with one via hole loaded on each slot. In this case,
S12 is slightly higher than −20 dB over 5–5.25 GHz.
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When L3 = 0.1 mm, there is no significant improvement
in the S12, and the S12 is basically the same as that when
L3 = 0 mm. However, when L3 = 0.2 mm, the S12 is
significantly improved. S12 falls below −20 dB in 4.3–
5.61 GHz. Nevertheless, the bandwidth of this band is
slightly reduced compared with that when L3 = 0 mm.

Fig. 10. The effect of L3 on S12.

D. Fabrication and measurement of the proposed
antenna element

To verify its performance, the proposed antenna was
fabricated and measured. Figure 11 presents a photo-
graph of the fabricated antenna. The measured S11, S12,
and realized gain of the antenna are shown in Fig. 12.
For LP states, the overlapping impedance bandwidth of
the antenna ranges 4.875–5.745 GHz, while its isolation
bandwidth (with S12 <−20 dB) spans 4.4–6.1 GHz, and
the realized gain of 4–6.2 dBi is achieved within this
impedance bandwidth.

Fig. 11. Top layer and bottom layer of the fabricated
antenna.

Radiation patterns in Figs. 13–14 show the mea-
sured and simulated results of the antenna under X-axis
linear polarizations (X-LP) and Y-axis linear polariza-
tions (Y-LP) at 5.1 GHz and 5.45 GHz in YOZ plane,
with cross-polarization levels exceeding 15 dB in all
cases.

III. ANTENNA ARRAY DESIGN AND
MEASUREMENT

A. Antenna array design
A 1×4 antenna array was designed as shown in

Fig. 15. The distance (dx) between two adjacent ele-
ments center is 40 mm. There is an 8 mm gap between
adjacent antenna elements.

Fig. 12. Measured (a) S-parameters and (b) gain of the
proposed antenna.

Fig. 13. Radiation pattern at 5.1 GHz in YOZ plane
(a) X-LP and (b) Y-LP.

Fig. 14. Radiation pattern at 5.45 GHz in YOZ plane
(a) X-LP and (b) Y-LP.

The dx affects the isolation between adjacent ports.
Since the isolation between adjacent ports is highly
similar, only S13 is presented in Fig. 16 (a). It can be
observed that S13 improves as dx increases. At dx =
40 mm, S13 is below −20 dB in the range of 4.65–
5.64 GHz. Considering structural compactness, the dx
is finally set to 40 mm. Figure 16 (b) illustrates that the
isolation between two ports of one element and those
of two adjacent elements is below −20 dB when dx =
40 mm.
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Fig. 15. Configuration of the proposed antenna array (a)
top layer and (b) bottom layer.

The port reflection coefficients deteriorate when
four elements form the antenna array. As illustrated
in Fig. 17 (a), the reflection coefficients S44, S55, and
S66 exceed −10 dB within the frequency range of 5.1–
5.25 GHz. By introducing gaps into the antenna ground
plane, the reflection coefficients (Sii) of all ports are
reduced to below −10 dB, as depicted in Fig. 17 (b).

Fig. 16. Isolation between ports (a) the effect of dx and
(b) dx = 40 mm.

B. Fabrication and measurement of the antenna
array

To verify the feasibility of the proposed antenna,
the antenna prototype was fabricated and measured. To
enable simultaneous excitation of the array antenna’s
horizontal/vertical ports, the antenna ports were con-
nected via a 1-to-4 power divider, as shown in Fig. 18.

Fig. 17. The effect of antenna ground connectivity on Sii
(a) without gap and (b) with gap.

Fig. 18. Photographs of the array antenna prototype (a)
top layer, (b) bottom layer, and (c) power divider.

The measured impedance bandwidth, isolation,
gain, and efficiency of the antenna are shown in Fig. 19.
For LP states, the overlapping impedance bandwidth
ranges 4.975–5.925 GHz. The isolation bandwidth (with
S12 <−20 dB) spans 4.3–6 GHz, the peak realized gain
within this impedance bandwidth reaches 12.5 dBi, and
the efficiency can reach 75.4%.

The radiation patterns in Figs. 20–22 show the
measured and simulated results for X-LP and Y-LP at
5, 5.4, and 5.9 GHz in XOZ plane.

A comparison of the proposed antenna with exist-
ing designs is provided in Table 1. Compared with
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Table 1: Comparison of the published dual-polarized antennas

Ref. AS Size (λ3
0) Air Gap Peak Gain (dBi) Iso (dB) BW (%) Efficiency

[23] 1×3 0.51×1.92×0.08 With 11.5 17 20.3 85%
[13] Unit 1.11×1.11×0.11 With 9.0 47 32.9 NA
[12] Unit 1.3×1.3×0.13 With 9.1 28 25.1 NA
[22] 4×6 2.46×6.77×0.26 With 19.4 20 14.1 NA
[6] 2×1×2 1.26×1.26×0.315 With 5.9 22 17.1 91.7%
[19] 1×2 0.8×0.4×0.006 WO NA 19 0.86 NA
[18] 2×2 0.6×0.6×0.04 WO 6.2 27 5.2 80%
[4] 2×2 3.05×2.02×0.14 WO 13 14 25.2 NA
[7] Unit 1.15×1.15×0.28 WO 9.2 25 50.4 90%
This Work 1×4 2.7×0.58×0.042 WO 12.5 20 17.4 75.4%
NA: Not applicable; WO: Without; Iso: Isolation; BW: Bandwidth; AS: Array scale.

Fig. 19. Measured (a) S-parameters and (b) gain of the
proposed antenna.

Fig. 20. Radiation pattern at 5 GHz in XOZ plane (a) X-
LP and (b) Y-LP.

antennas that have an air gap in [6, 12, 13, 22, 23],
the proposed antenna features a low profile, compact
structure, and ease of fabrication. Compared with air-
gap-free antennas in [18, 19], the proposed antenna

Fig. 21. Radiation pattern at 5.4 GHz in XOZ plane
(a) X-LP and (b) Y-LP.

Fig. 22. Radiation pattern at 5.9 GHz in XOZ plane
(a) X-LP and (b) Y-LP.

exhibits a slightly higher profile but a significantly wider
bandwidth. Moreover, its profile is much lower than
that in [4, 7]. Its realized gain reaches 12.5 dBi, higher
than that of the antennas in [6, 7, 12, 13, 18, 19, 23].
Overall, the proposed antenna demonstrates superior
performance in isolation, structural compactness, and
operating bandwidth.

IV. CONCLUSION
In this paper, a dual-polarized antenna with low

profile and high isolation is proposed. The polarization
state of the antenna can be switched by selecting dif-
ferent feeding ports. The measurement results indicate
that the antenna has a −10 dB impedance bandwidth
of 4.975–5.925 GHz in different states, with a relative
bandwidth of 17.4%. Arranging the antenna elements
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into a 1×4 array effectively improves the antenna gain.
The peak gain of the array antenna reaches 12.5 dBi. The
simulated and measured results are in good agreement,
verifying the correctness of the design. Additionally,
the proposed dual-polarized antenna benefits from low
profile, compact size, low cost, and high isolation. It
is suitable for various communication systems with
space constraints, intelligent requirements, and anti-
interference needs.
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Abstract – A high-selectivity filtering magnetoelectric
(ME) dipole antenna based on rectangular micro-coaxial
lines (RMCLs) is presented, fabricated using micro-
metal additive manufacturing (M-MAM) for V-band
operation. The structure integrates two λ /4 resonators,
one λ /2 resonator, and an ME dipole antenna, coupled
through J/K-inverters realized as RMCL gaps and short-
circuited stubs. Notably, while a standalone ME dipole
inherently supports an impedance bandwidth over 30%,
this design achieves a 5.04% operating bandwidth cen-
tered at 59.5 GHz after integrating filtering functionality.
Simulations confirm a peak gain of 4.53 dBi within
the passband, with cross-polarization consistently below
−20 dB. A sharp gain roll-off to −10 dBi at 1.048 f0
and 40 dB out-of-band suppression demonstrates excep-
tional frequency selectivity. Owing to inherent minia-
turization, lightweight construction, and low-loss char-
acteristics, the antenna exhibits significant potential for
low-earth-orbit (LEO) satellite internet systems.

Index Terms – Filter antenna, low-earth-orbit (LEO)
satellite, magnetoelectric (ME) dipole antenna, V-band.

I. INTRODUCTION
The Q/V frequency band (40–75 GHz) encom-

passes dual sub-bands, namely the Q-band (40–50 GHz)
and V-band (50–75 GHz), belonging to the millimeter-
wave extremely high frequency (EHF) spectrum regime.
Its ultra-wide bandwidth, high directivity, and low
interference characteristics render it a crucial spectral
resource for high-speed satellite communications, low-
earth-orbit (LEO) internet access, and scientific research
missions [1–3]. Corresponding radio frequency com-
ponents must satisfy stringent requirements for ultra-
miniaturization, ultra-low loss, and multifunctional inte-
gration. Filtering antennas with integrated filtering-
radiating capabilities have emerged as a promising
approach to address these challenges [4, 5].

Conventional filtering antenna implementations
typically follow three approaches: (1) cascading anten-
nas as terminal resonators with filter structures [6–
8], (2) embedding band-rejection elements within
feed networks to create transmission zeros [9], or
(3) loading parasitic structures to modify radiation
characteristics [10]. However, fabrication constraints
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at millimeter-wave frequencies often preclude direct
application of these techniques. Recent studies have
proposed solutions based on substrate integrated waveg-
uide (SIW) [11], gap-waveguide (GWG) [12], frequency
selective surfaces (FSS) [13, 14], and differential feed-
ing networks [15]. Nevertheless, challenges persist, such
as high integration complexity or excessive loss.

Notably, micro-metal additive manufacturing (M-
MAM) technology, utilizing sequential thick-photoresist
lithography and copper electroforming processes [16–
18], enables the monolithic fabrication of multi-layer
metallic structures without assembly. The rectangular
micro-coaxial line (RMCL) structure developed based
on this technology has been successfully applied in
millimeter-wave antenna designs owing to its low trans-
mission loss characteristics [19–22]. However, the inte-
gration of filtering functionality within this structure
remains an unresolved challenge.

This work proposes a novel filtering magneto-
electric (ME) dipole antenna implemented in RMCL
technology. The design offers three key innovations:
(1) a modular architecture permitting independent opti-
mization of filtering and radiating sections before inte-
gration, (2) implementation of λ /4 resonators with
short-circuited stubs connecting the feed and radiator,
reducing dielectric support requirements and minimiz-
ing insertion loss, and (3) angular orientation of the
dipole patches toward the ground plane to enhance front-
to-back ratio (FBR) without increasing footprint. The
prototype demonstrates 5.04% impedance bandwidth
centered at 59.5 GHz, exceeding 40 dB out-of-band
rejection, and stable cross-polarization below −20 dB.

II. FILTERING ANTENNA GEOMETRY
AND ANALYSIS

A. Antenna geometry
The proposed filtering antenna is constructed using

RMCLs based on M-MAM technology, with its mono-
lithic 3D integration achieved through nine stacked
copper layers. Figure 1 illustrates the RMCL fabrica-
tion schematic, wherein SU-8 support strips (εr = 4.2,
tanδ = 0.045) mechanically suspend the inner conduc-
tor to prevent inter-conductor short circuits. Release
holes perforating the outer conductor walls facilitate
post-processing removal of residual photoresist [18].
The characteristic impedance of the RMCL structure
is determined by the inner conductor width wi and the
conductor-to-outer-wall gap dimension wg, with opti-
mized values of wi = 0.32 mm and wg = 0.32 mm
achieving 50 Ω impedance matching.

Figure 2 presents the three-dimensional topology
of the integrated filtering antenna system, synergisti-
cally combining a hybrid resonator filter section with

an ME dipole radiating element. The filtering com-
partment integrates two λ /4 resonators and a single
λ /2 resonator interconnected through capacitive gap
coupling, while employing short-circuited stubs for
input/output port connections. The radiating element
comprises vertical arms, a ground plane, and angularly
oriented planar patches, where feeding is accomplished
through a tapered trapezoidal transition structure with
a probe pin directly coupled to an inclined patch to
establish electric dipole excitation. Electromagnetically,
co-directional surface currents on the inclined patches
constitute the equivalent electric dipole, while the ver-
tical arms in conjunction with the ground plane form
λ /4 short-circuited patch structures generating comple-
mentary magnetic dipole radiation. By leveraging the
modular design pattern inherent in RMCL technology
and maintaining the dimensional consistency of the
inner/outer conductors at the filter ports and antenna feed
interfaces, independent optimization and seamless inte-
gration of the two functional modules are achieved. The
optimized structural parameters are detailed in Table 1.

Fig. 1. RMCL based on M-MAM. (a) Main view.
(b) Side view. Main critical dimensions: h1 = 100 and
h2 = 40 (unit: µm).

Fig. 2. Geometry of the proposed filtering antenna.

Table 1: Design parameters of the proposed filtering
antenna (unit: mm)

Para. w ws wa ks kw kl
Value 1.66 0.20 0.35 0.05 0.236 0.507
Para. l l1 l2 l3 d12 d23

Value 5.71 0.89 2.21 0.89 0.321 0.321
Para. s d h t1 t2 α

Value 0.30 1.08 1.08 0.20 0.10 70◦
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B. Filter design
Conventional capacitive-gap coupled filters typ-

ically require each resonator to exhibit a physical
length of approximately λ /2 at the center frequency
f0, with inter-resonator coupling achieved through adja-
cent open-end gaps. This coupling mechanism can be
equivalently modeled as a J-inverter network [23]. How-
ever, such architectures inherently suffer from excessive
longitudinal dimensions and substantial dielectric sup-
port requirements, significantly degrading insertion loss
performance. To mitigate these limitations, this work
innovatively introduces λ /4 resonators combined with
K-inverters at the input/output ports, achieving over 40%
reduction in overall filter dimensions while minimizing
support structures to enhance transmission efficiency.
The topological configuration of the proposed hybrid
resonator filter is illustrated in Fig. 3.

Fig. 3. Illustration of a hybrid resonator filter structure
with J/K-inverters.

Within the electromagnetic model of this filter, the
electrical length of each resonator is determined by the
following equation:

λ/4: θ j =
π

2
+

1
2
(ϕ j−1, j +ϕ j, j+1), (1)

λ/2: θ j = π +
1
2
(ϕ j−1, j +ϕ j, j+1), (2)

where ϕ represents the phase contribution from adjacent
coupling elements.

The physical length l is then derived as:

l j =
θ jλ0

2π
, (3)

where λ0 is the wavelength at f0.
For a 3rd-order filter centered at 60 GHz with

3.33% fractional bandwidth (FBW) and 20 dB return
loss (RL), the Chebyshev low-pass prototype values [23]
are given as:

g0 = 1.00, g1 = 1.0315, g2 = 1.1474,
g3 = 1.0315, g4 = 1.00.

Theoretical calculations determine the initial res-
onator lengths as:

l1 = 1.1051 mm, l2 = 2.4617 mm, l3 = 1.1051 mm.

Corresponding J/K-inverter equivalent circuit
parameters are:

LS,1 = L3,L = 0.217 nH,

C1,2 =C2,3 = 1.2774×10−3 pF.

Leveraging the RMCL structure shown in Fig. 1,
parameterized physical models of the J/K-inverters are
established. Figure 4 demonstrates that the extracted J-
inverter’s equivalent capacitance C exhibits a monotonic
decrease with increasing gap distance d. Analysis of the
K-inverter model in Fig. 5 reveals that the equivalent
inductance L increases with stub length kl while decreas-
ing with width kw. These parametric relationships pro-
vide theoretical foundations for determining initial J/K-
inverter dimensions.

Fig. 4. The value of C with different gaps d (including
J-inverter).

Using these models, a 3D electromagnetic model
of the hybrid resonator filter is constructed in CST
Microwave Studio. Following parametric optimization,
the final design exhibits excellent agreement between
full-wave simulation results (Fig. 6) and ideal Cheby-
shev responses, validating the theoretical approach. Key
optimized dimensional parameters are comprehensively
tabulated in Table 1.

C. ME dipole antenna design
The evolutionary process of the ME dipole antenna

design is depicted in Fig. 7. Antenna I (Ant. I) consti-
tutes the baseline ME dipole configuration featuring a
conventional Γ-shaped feed and planar patches. Inspired
by [24], structural modifications yield Antenna II (Ant.
II): a bent probe pin directly coupled to the planar
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(a) 

(b) 

Fig. 5. The value of L with different (a) length kl and (b)
width kw (including K-inverter).

Fig. 6. Full-wave response of the designed filter (solid
lines). The ideal Chebyshev characteristic (dashed lines)
is reported for comparison.

patches provides integrated excitation, while the inner
conductor is reconfigured into a tapered trapezoidal
topology. The final proposed radiator structure is real-
ized through the angular orientation (α) of the planar
patches toward the ground plane.

Fig. 7. Design process of the proposed ME dipole
antenna.
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Fig. 8. Simulated S11 and realized gains of Ant I, Ant II,
and the proposed Ant.
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Fig. 9. Simulated front-to-back ratio of Ant I, Ant II, and
the proposed Ant.

Figures 8 and 9 present the simulated S11 and FBR
for Ant I, Ant II, and the proposed antenna. Analysis
indicates that while Ant I exhibits resonance at 60 GHz,
but it suffers from severe impedance mismatch. The
bent probe implementation in Ant II shifts the resonant
frequency upward and achieves gain enhancement rela-
tive to Ant I, with the tapered transition, simultaneously
improve impedance matching. However, both configura-
tions demonstrate unsatisfactory FBR below 15 dB. The
angular orientation technique proposed herein success-
fully elevates FBR to 16 dB while achieving a broad
impedance bandwidth spanning 55–75 GHz (|S11| <
−10 dB) under the optimized parameters in Table 1.
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Fig. 10. Simulated S11 of the proposed ME dipole
antenna with different values of (a) wa and (b) h.

To elucidate the underlying electromagnetic mech-
anisms, Fig. 10 investigates the influence of critical
parameters wa and h on S11 characteristics. Increasing
wa primarily reduces resonant frequency while optimiz-
ing impedance matching, whereas parameter h predom-
inantly modulates resonant frequency with negligible
impact on matching. Current and electric field distribu-
tions in Fig. 11 reveal the physical origins: variation in h
alters the resonant frequency by extending the effective
current path length across the patch surface, while wa
induces frequency-shifting effects through reduced ver-
tical arm spacing during matching optimization.

Figure 12 further quantifies the effect of the tilt
angle α on the radiation characteristics. It can be
observed that the greater the inclination, which means
the smaller α , the FBR of the antenna increases. The
backward radiation is suppressed to some extent with an
unchanged ground floor, but this is accompanied by a
sacrifice in gain.

D. Filtering antenna integration
Owing to dimensional consistency between inner

and outer conductors in the RMCL utilized for both filter

Fig. 11. (a) Simulated current distribution on planar
patches. (b) Simulated electric field distribution on the
xoy plane.
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Fig. 12. Simulated realized gain and front-to-back ratio
of the proposed ME dipole antenna with different values
of α .

and antenna structures, direct interconnection enables
system-level integration of the filtering antenna. Fig-
ure 13 presents comparative simulated S11 and realized
gain characteristics for the ME dipole antenna configura-
tions with and without integrated filtering functionality.
The proposed filtering antenna satisfies |S11| < −10 dB
impedance matching across 58–61 GHz. Although the
incorporated filter structure introduces insertion loss, it
significantly enhances frequency selectivity. The real-
ized gain peaks at 4.53 dBi, while exhibiting a sharp roll-
off to −10 dBi at 62.4 GHz (1.048 f0), demonstrating a
characteristic bandpass response.

Figure 14 quantifies radiation patterns of the pro-
posed filtering antenna and ME antenna at operat-
ing frequencies of 59 GHz and 60 GHz. The fil-
tering antenna exhibits little change in the H-plane
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Fig. 14. Comparison of simulation radiation patterns
between the proposed filter antenna and the independent
ME antenna: (a) E-plane and H-plane at 59 GHz. (b) E-
plane and H-plane at 60 GHz.

pattern compared to the ME antenna, but the cross-
polarization in the E-plane has increased. Specifi-
cally, the proposed filtering antenna achieves cross-
polarization suppression exceeding 78 dB in the E-
plane, with a half-power beamwidth (HPBW) of 77◦.
The H-plane maintains cross-polarization levels below

−20 dB with an extended HPBW of 170◦, indicating
quasi-omnidirectional coverage capability. Furthermore,
optimized design achieves consistent FBR exceeding
15 dB, effectively suppressing back-lobe radiation.

III. MEASUREMENT AND COMPARISON
A. Measurement

Given the constraints imposed by available fabri-
cation and testing facilities, this study focused on the
physical realization and experimental validation only of
the hybrid resonator filter based on the RMCL structure,
as described in section IIB. Considering that mainstream
millimeter-wave measurement systems rely on planar
probing platforms, the fabricated filter incorporates a
broadband transition structure at its ports. This structure
provides an optimized connection from the RMCL to
Ground-Signal-Ground (GSG) probe pads [25], specif-
ically designed for millimeter-wave on-wafer probing.
A photograph of the final packaged device is depicted in
the inset of Fig. 15.

As shown in Fig. 15, the measured results exhibit a
center frequency shift of 0.7% compared to simulations,
with f0 = 60.42 GHz (vs. simulated 60 GHz), FBW
reduction to 2.5% (vs. 3.3%), IL degradation to 2.44 dB
(vs. 1.05 dB), and RL >10 dB (vs. >20 dB).

A Monte Carlo sampling (MCS) sensitivity analy-
sis was conducted on 13 primary dimensional param-
eters (Fig. 16) with manufacturing tolerance limits of
±5 µm (the typical tolerance of the M-MAM technol-
ogy [26]). Two hundred uniformly distributed random
samples were simulated, excluding transition interfaces.
The observed deviations between measured and sim-
ulated results are attributed to these factors: (1) criti-
cal dimension deviations exceeding ±5 µm tolerance;

Fig. 15. The simulated and measured results of the
proposed filter, accompanied by the fabricated prototype
(inset).



WANG, ZHU, WANG, LIU, FENG, CAI, ZHANG, ZHAO, WANG, DAI, YANG: A V-BAND MAGNETOELECTRIC DIPOLE FILTERING ANTENNA 176

Table 2: Comparison with the previous filtering antennas

Ref. Impedance Peak Stopband Suppression FL/F
a
U Profile

Bandwidth (GHz) Gain (dBi) Level (dB) (%/%) (mm/λ0)
[27]b 5.00–5.42 (8.0%) 3.06 ∼27 ∼4.2 / ∼3.8 0.288 / 0.005
[28]c 33.7–36.3 (7.40%) 7.10 ∼13 ∼2.3 / ∼5.4 0.962 / 0.112
[29]b 18.9–30.3 (46.3%) 6.00 ∼25 ∼8.9 / ∼6.9 3.937 / 0.323
[30]b 24.0–28.6 (17.5%) 6.20 ∼20 6.1 / 10.6 2.330 / 0.204
This Workc 58.0–61.0 (5.04%) 4.53 40 3.2 / 3.4 0.800 / 0.158
aDefinition of frequency selectivity: FL = ( f10L − f∆20L)/ f0, FU = ( f∆20U − f10U )/ f0. f10L and f10U are
the frequencies at the edges of the −10 dB impedance bandwidth. f∆20L and f∆20U are the frequencies
with suppression more than 20 dB.
bAll dates provided by this line are measurement dates.
c All dates provided by this line are simulation dates.

Fig. 16. Sensitivity analysis of the proposed filter.

(2) unremoved dielectric material at K-inverter corners;
(3) probe contact error and system calibration drift.

B. Comparison
As shown in Table 2, the filter antenna proposed

in this paper has significant performance characteristics
compared to the existing typical designs. Compared with
the 3.06 dBi gain level reported in [27], the present work
achieves a gain enhancement of 4.53 dBi. Although
the cascaded magneto-electric dipole and hybrid res-
onator configuration yields lower gain than the 6.0–
7.1 dBi range in [28–30], our design demonstrates three
significant advancements at the demanding 59.5 GHz
millimeter-wave frequency: (1) an ultra-compact verti-
cal profile of only 0.158λ0, (2) superior out-of-band
suppression exceeding 40 dB, and (3) sharp frequency
selectivity of 3.2/3.4%.

IV. CONCLUSION
This paper presents an innovative design of a V-

band filter antenna based on RMCL, which centers

on the realization of a modular split design and easy
integration of a hybrid resonator filter structure and an
ME dipole antenna. The antenna exhibits an impedance
bandwidth of 5.04% at the center frequency of 59.5 GHz
and maintains a cross-polarization level below −20 dB.
The overall size of the antenna structure is optimized
to 6.79× 3.19× 0.8 mm (including the ground plane),
corresponding to a profile height of only 0.158λ0. In
particular, the design exhibits excellent out-of-band sup-
pression characteristics. Outside the frequency band of
±4.8% from the center frequency, rapid gain attenuation
below −10 dBi is achieved. This feature significantly
reduces the risk of adjacent channel interference in V-
band antenna systems, providing an effective solution
for high-density integrated RF front ends.
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Abstract – A half-wave dipole array antenna design for
S-band low probability of intercept (LPI) radar is pre-
sented. The antenna structure comprises 24× 2 linearly
polarized dipole elements. A 24-column Taylor distri-
bution weighted feed in the azimuth plane realizes low
sidelobe level (SLL) of −26.0 dB. The antenna achieves
an operational bandwidth of 100 MHz with a voltage
standing wave ratio (VSWR) below 1.4. A prototype was
fabricated and measured for verification. The measured
gain is 22.3 dBi, with half-power beamwidth (HPBW)
of 6.5◦ and 24.5◦ in azimuth and elevation, respec-
tively. Results show that the array scans from −45◦ to
+45◦ with a gain loss below 2.1 dB, while maintaining
an SLL under −20.2 dB across this wide scanning
range.

Index Terms – Array antenna, high-gain, low probabil-
ity of interception (LPI) radar, low sidelobe level (SLL).

I. INTRODUCTION
Low probability of intercept (LPI) radar is a new

radar system which uses a variety of technologies to pre-
vent radar signals from being intercepted by the enemy
intercept receiver. Hence, much research and design are
carried out focused on LPI radar [1–3]. It is generally
believed that the time taken by the enemy to intercept
the radar depends on the main lobe gain, sidelobe level
(SLL) and beam width of the radar antenna. Low prob-
ability of interception radar should be equipped with a
planar antenna array, which has high gain and low SLL
performances.

Sidelobe manipulation techniques for antenna array
have been developed by many researchers. The com-
mon approach of reducing SLLs in array antennas is
amplitude control and phase correction by the feeding

network. Waveguide slot array antennas with Taylor’s
distribution have been proposed for radar systems [4–
6]. In [6], array antennas combined with Schelkunoff’s
unit circle technique have achieved less than −28.5 dB
SLL by utilizing Taylor synthesis. Taylor’s distribu-
tion can also be used in slots array antenna with T-
junction power divider [7], slots array antenna with
inverted microstrip gap waveguide [8], slotted ridge
waveguide antenna array [9] and monopulse slotted
antenna with gap waveguides [10]. Besides Taylor’s
distribution, the Chebyshev amplitude distribution can
be used in a series-fed linear dielectric resonator antenna
array to get a low SLL [10]. In [11], Dolph-Chebyshev
distributions are utilized by periodic stub-loaded slow
wave transmission line feed networks to reach low SLL
performances in compact series-fed microstrip patch
arrays.

Another method for sidelobe manipulation is mod-
ifying the structure or position of feeding line in
microstrip antenna arrays. The U-shaped series-feed net-
work and corner series-feed network are used in linear
microstrip antenna arrays to provide low SLL and low
cross polar level in [12]. In addition, the feeding line
in a microstrip patch array antenna was modified as
the step-impedance microstrip line to decrease the SLL
in [13]. In [14], the two halves of the structure were fed
in parallel and each arm was fed in a series-series feed
network to achieve the low SLL of −26.5 dB. However,
the impedance bandwidth in the X-band was only 5.3%
(VSWR < 1.92).

This paper is organized as follows. Section II
presents the required technical specifications for the
antenna. Section III details the theory of LPI radar and
the antenna design process. Section IV covers antenna
fabrication and measurement. Conclusions are provided
in section V.
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II. TARGET SPECIFICATIONS AND
CONFIGURATIONS OF ANTENNA

Table 1 defines target specifications for the scaled
model sample of LPI radar antenna. The proposed
antenna should have linear-horizontal polarization and
achieve wide-scanning performance with ±45◦ in the
azimuth plane.

Table 1: Target specifications of the antenna

Specification Value
Frequency 2.25 GHz
Array Form 2×24 elements
Size 2000×270 mm
VSWR <1.6 (per element)

<1.4 (average)
Polarization Linear-Horizontal
SLL (Azimuth) −26 dB max
HPBW
(Azimuth/Elevation)

6.8◦/26◦ max

Scanning Angle
(Azimuth)

45◦ min

Gain (0◦/30◦/45◦ in
azimuth)

21.7 dBi/20.7 dBi/18.8 dBi min

Weight < 43000 g

III. DESIGN AND SIMULATION
LPI radar is designed to minimize the probability

of its signals being intercepted by an enemy receiver.
This probability is quantified by the intercept probability
factor α . Based on the LPI radar theory in [15], the
intercept probability factor is defined as:

α =
Ri

Rr
, (1)

where Ri represents the interception range of intercept
receiver and Rr represents the detection range of radar.
They can be expressed as:

R2
i =

PrLGrIGIλ
2

(4π)2SILI
, (2)

R4
r =

PtGtGrλ
2σ

(4π)3 SrLr
, (3)

where Pt is the radar transmitter power, PrL is the radar
transmitter power with loss of Lrt , which can be taken as
PrL = Pt/Lrt , Gt is the gain of radar’s transmit antenna,
Gr is the gain of radar’s receive antenna, GI is the gain
of the intercept receiver antenna in the direction of radar,
GrI is the gain of the radar’s transmit antenna in the
direction of the intercept receiver, SI and Sr are the
sensitivity of intercept receiver and radar receiver, LI and

Lr are the system loss factor of intercept receiver and
radar receiver, λ is the wavelength of transmitted signal,
and σ is radar cross-section of target.

When the maximum operating range of the radar
Rr max is determined, the intercept probability factor of
radar system with common antenna can be written as:

α = Rr max

[
4πSrLrGrIGI

σSILIG2
t Lrt

]1/2

. (4)

Without considering sensitivity and system loss
factors, the intercept probability factor has the following
relationship with the radar’s transmit antenna and inter-
cept receiver antenna:

α ∝

[
GrIGI

G2
t

]1/2

. (5)

According to Equation (5), besides the influence
of intercept receiver antenna, the intercept probability
factor can be reduced by increasing the gain of the
radar’s transmit antenna. Meanwhile, the intercept prob-
ability factor is proportional to the square root of the
radar’s transmit antenna SLL when the intercept receiver
intercepts the radar in the sidelobe direction. Thus, low
SLL antenna is also an important LPI characteristic.

Hence, we tend to design an antenna with high gain
of main lobe and low level of sidelobe. Initially, the
half-wave dipole antenna is chosen as a fundamental
form for high gain characteristic. Then, the SLL is
reduced effectively by Taylor distribution in the feeding
design. During the process, all the simulated data are
provided by the commercial electromagnetic simulation
tool HFSS.

A. Antenna element design
A half-wave dipole antenna is one of the most

widely used antenna types in antenna engineering,
including communication, radio, television, navigation
and other engineering systems. When the half-wave
dipole antenna is directly placed, the radiation perfor-
mance is omnidirectional radiation. Therefore, a reflect-
ing plate is loaded to give the antenna directional radi-
ation. At the same time, referring to the radiation prin-
ciple of Yagi-Uda antenna, the directional structure is
added to improve the directional radiation performance
of the antenna element. Figure 1 shows the final structure
of the antenna element (purple) and epoxy glass fibrous
cloth used as the radome (green).

Figure 2 shows the measured 3-D radiation pat-
tern of the proposed antenna element where the peak
gain reaches 7.6 dBi. The simulated bandwidths for
VSWR<1.4 are 145 MHz (6.4%). The antenna array
element has good directional radiation characteristics,
simple installation process and is easy to use.
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Fig. 1. Structure of the proposed antenna element with
radome.

Fig. 2. Simulated 3-D radiation pattern of the antenna
element.

B. Array synthesis
The antenna array consists of 48 units, with two

rows of elevation plane and 24 columns of azimuth
plane, as shown in Fig. 3 (N = 48). The AN and BN
represent the N-th element of two rows, respectively.

Element spacing in the elevation plane is set as
150 mm (Y = 150 mm) and each two array elements
in the same elevation plane are designed with equal
amplitude and phase feeding by power division units,
which can narrow the beam width in the elevation plane
to improve gain. The 24 column Taylor distribution
weighted feed in the azimuth plane reduces the pattern
sidelobe. After sidelobe reduction technique employ-
ment, the SLL of the array pattern is reduced while the
main lobe width becomes wider. Relatively, the lower
the SLL, the wider the main lobe width. In order to fulfill
the requirements of beam width, the element spacing
is increased to and finally selected at 76.5 mm (X =
76.5 mm), which can improve the gain and effectively
control the beam width. It’s worth noting that the ele-
ment spacing shall not be so large as to cause grating
lobes during scanning.

The antenna array elements are fed by the phase-
shifting attenuation module to realize antenna azimuth
scanning. The phase-shift attenuation module is mainly
used to test whether the technical parameters of

Fig. 3. Schematic diagram of array layout.

the phase scanning antenna array fulfills the design
indicators under different frequencies, different wave
positions, different amplitude weighted values and other
conditions.

C. Array configuration and simulation
The 3-D view and front view diagrams of the

proposed antenna are shown in Fig. 4. The antenna is
mainly composed of antenna element, power divider,
auxiliary unit, reflecting plate, phase shift attenuation
module, installation framework and RF front-end.

As shown in Fig. 4 (a), the radiating antenna con-
sists of four groups of antenna cell with a total of 48
antenna elements. Four auxiliary units are located at
both ends of the radiating antenna, with a pitch spacing
of 76.5 mm. A total of 26 power dividers are located
behind the antenna element, connected to the antenna
element and auxiliary unit by blind plugs of Blind-mate

 
(a) 

(b) 

Fig. 4. (a) 3-D view and (b) front view of the proposed
antenna.
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A (BMA) connectors, and fixed with the reflecting plate
through screws. Figure 4 (b) shows the front view of the
antenna array. The radiating antenna array is composed
of 48 elements with two rows of elevation plane and 24
columns of azimuth plane.

Figure 5 shows the E-plane simulated array scan-
ning patterns at 2.25 GHz. When the phase scan of the
radar antenna is 0◦, the maximum gain of simulation
results is 22.72 dBi with the first SLL of −29.6 dB. Also,
high beam gains of 21.8 and 19.9 dBi are obtained in the
scan angle of 30◦ and 45◦, respectively.
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Fig. 5. Simulated scanning performance of the proposed
antenna array at 2.25 GHz.

2.10 2.15 2.20 2.25 2.30 2.35 2.40
0

1

2

3

V
SW

R

Freq(GHz)

 Measured

Fig. 6. Measured VSWR of antenna array.

IV. EXPERIMENTAL VERIFICATION AND
RESULTS

In this section, a prototype of the proposed antenna
array is fabricated and measured to verify its feasibility.
The total dimension of antenna is 2000×270 mm with a

Fig. 7. Antenna fabricated model in measurement envi-
ronment.
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Fig. 8. Measured scanning performance of the proposed
antenna array at 2.25 GHz.

Table 2: Realized gain in different scan angles

Scan angle in Realized gain SLL at
xz plane (deg) at 2.25 GHz (dBi) 2.25 GHz (dB)
0 22.3 −26.0
30 (ϕ = 0◦) 21.1 −26.4
45 (ϕ = 0◦) 20.2 −20.2
30 (ϕ = 180◦) 21.2 −28.4
45◦ (ϕ = 180◦) 20.7 −20.4

weight of 42.8 kg, while the radiating aperture is 1900×
270 mm.

The voltage standing wave ratio (VSWR) of the
antenna is measured by a network analyzer, as shown
in Fig. 6. The VSWR of each array element is less than
1.8. The antenna electrical performance test is validated
in a microwave anechoic chamber as shown in Fig. 7.

The scanning performance of the fabricated antenna
array is measured and shown in Fig. 8. A maximum
realized gain of 22.3 dBi can be obtained at 2.25 GHz
with the low SLL of −26.0 dB. Table 2 shows the
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Table 3: Performance comparison of the array antennas

Ref. Size (λ×λ) Freq. (GHz) BW VSWR Gain (dBi) HPBW (deg) SLL (dB)
E-plane H-plane E-plane H-plane

[4] 55.8×17 9.3 4.3% <1.37 37.7 3.8 1.3 −17 −22.5
[6] 7.3×7.3 8.9 2.8% <1.43 23.2 8.9 9 −28.5 −29.6
[9] 26.5×5.3 24.1 1.03% <1.92 22.3 54.4 3.2 −19.6 −29.8
[13] 9.1×1.25 9.41 1.9% <1.92 21.3 8.1 41.8 −27.8 −21.4
[14] 16.8×3.5 9.35 5.3% <1.92 24.0 4.5 21.5 −26.2 −19.7
This Work 15×2 2.25 4.4% <1.4 22.3 6.5 24.5 −26.0 N/A

realized gain and SLL of proposed antenna at different
scan angles.

The performance of the proposed antenna is bench-
marked against existing antennas in the literature in
Table 3. The proposed design exhibits several advanta-
geous features, including a realized gain of 22.3 dBi, a
SLL of −26.0 dB, a compact size of 15×2λ mm2, and a
scanning capability of up to 45◦ with only a 2.1 dB gain
loss.

V. CONCLUSION
This paper proposes an S-band half-wave dipole

antenna with low SLL. The feed network employs a
24-column Taylor distribution weighting to reduce the
pattern sidelobes. Results demonstrate an operational
bandwidth of 4.4% (2.2–2.3 GHz) with an active voltage
standing wave ratio <1.4. A 2×24 prototype array was
fabricated for the experimental validation. The antenna
achieves a peak gain of 22.3 dBi, scanning over ±45◦

with only 2.1 dB gain loss and SLL below −20.2 dB.
Thus, the proposed antenna design serves as a suitable
candidate for LPI radar applications.
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Abstract – The Non-Terrestrial Network (NTN) is a crit-
ical component of the 6G integrated space-air-ground-
sea network. The comprehensive Over-the-Air (OTA)
performance evaluation of NTN terminals is essential
for ensuring wireless connection reliability and quality
of experience. However, major international standards
bodies including 3rd Generation Partnership Project
(3GPP) and Cellular Telecommunications and Internet
Association (CTIA) remain in the preliminary stages
of developing their OTA specifications for mobile ter-
minals supporting NTN communications. Accordingly,
the objective of this paper is to investigate key Figures
of Merit (FoMs) for OTA testing of NTN handsets
from the perspective of satellite coverage multiplicity,
to better characterize, distinguish, and rank OTA per-
formance of different NTN handsets for future testing
methodology development. During the analysis, cover-
age models are created for Low Earth Orbit (LEO) and
Geosynchronous Orbit (GEO) constellations separately,
based on which the coverage multiplicity for Starlink
Direct-to-Cell (DTC) and TianTong-1 constellations is
evaluated and determined for different target regions
quantitatively. By comparing the coverage multiplicity
and usage scenarios with those of the Global Positioning
System (GPS), whose OTA FoMs and testing methods
have been clearly defined in specifications, the FoMs
for OTA testing of NTN handsets are recommended,
including integrated FoMs for LEO (e.g., Total Isotropic
Sensitivity [TIS] and Upper Hemisphere Isotropic Sen-
sitivity [UHIS] metrics for receiver performance, and
Total Radiated Power [TRP] and new Upper Hemi-
sphere Radiated Power [UHRP] metric [corresponding
to the UHIS] for radiation performance evaluation) as
well as directional FoMs (e.g., requiring the average or
minimum of Effective Isotropic Radiated Power [EIRP]
and Effective Isotropic Sensitivity [EIS] values within

a specific zenith angular range to exceed the limit) for
GEO constellations, respectively.

Index Terms – Direct-to-Smartphone (DTS), Figures
of Merit (FoMs), Non-Terrestrial Network (NTN), Over-
the-Air (OTA) testing.

I. INTRODUCTION
Driven by the advancement of telecommunications,

the exponential growth of smart devices, and the rising
demand for ubiquitous connectivity, satellite-enabled
Non-Terrestrial Networks (NTNs) are globally expected
to be integrated into terrestrial network infrastructures as
an indispensable complement, playing important roles in
5G and beyond by providing seamless space-air-ground-
sea coverage that eliminates service deserts and fulfills
the goal of truly global connectivity [1–7]. As defined
by the 3rd Generation Partnership Project (3GPP) [8], an
NTN refers to a network where spaceborne or airborne
vehicles act either as a relay node or as a base sta-
tion, thereby distinguishing transparent and regenerative
satellite architectures. Since the 3GPP Rel-17 standard
integrates NTN as part of 5G Advanced (5G-A) and
enables Internet of Things NTN (IoT-NTN) and New
Radio NTN (NR-NTN) features for handheld devices
connected with Low Earth Orbit (LEO) and Geosyn-
chronous Orbit (GEO) satellites [9, 10], satellite-enabled
NTN has been playing an increasingly critical role in
5G-A and future 6G networks.

As a key enabler for 5G-A and 6G IoT-NTN and
NR-NTN, Direct-to-Smartphone (DTS) technology has
been a global research focus. The DTS technology
allows commercial mobile terminals to establish direct
wireless connections with satellites for data transmis-
sion and communication without relying on relay nodes
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or dedicated satellite equipment. It thereby supports a
wide range of applications, including satellite IoT and
Mobile Satellite Services (MSS). In DTS communi-
cation scenarios, the reliability, coverage, responsive-
ness, and security of wireless links are critical factors
affecting both user experience and system quality of
service, which are heavily dependent on agile and high-
performance antennas [11–13]. Consequently, Over-the-
Air (OTA) testing, which can accurately characterize
the wireless performance of devices under test (DUTs)
under realistic operating conditions, is essential for opti-
mizing antenna and wireless performance of DTS smart-
phones and enhancing their quality of user experience
[14–18]. OTA testing has been established as the stan-
dard methodology for wireless performance evaluation
of DUTs by major standards bodies such as 3GPP and
the Cellular Telecommunications and Internet Associ-
ation (CTIA), as well as by leading network operators
[19–24].

For DTS handheld devices, the OTA testing
methodology is under discussion in both CTIA and
3GPP while relevant testing specifications have not been
determined and officially released yet. Currently, the
consensus is to maintain and re-use the methodology
for cellular smartphones temporarily as a starting point
to meet the urgent testing requests from the industry,
i.e., the device manufacturers and network operators,
while proceeding with the methodology development in
parallel. Accordingly, current Figures of Merit (FoMs)
for OTA testing of DTS DUTs are Total Radiated Power
(TRP) and Total Isotropic Sensitivity (TIS) for both
radiated power and receiver performance, respectively.
Considering the differences between cellular and satel-
lite communication scenarios, including the following
aspects:

(1) Different signal angles of arrival (AoAs): for cellu-
lar, the signal mainly comes from the angular region
within ±45◦ of the horizon, while for NTN DTS, it
comes from a certain angular range of the zenith;

(2) Different testing or holding positions: in cellular sce-
narios, smartphones can be held in both portrait and
landscape positions; in contrast, in NTN scenarios,
DTS DUTs can only be held in portrait mode with
the top side pointing to the sky, even though the
internal antenna design in current commercial DTS
terminals has been significantly enhanced compared
to the original external antenna design.

Therefore, the current temporary FoMs for OTA
testing of NTN DTS terminals are deemed incapable of
comprehensively characterizing and distinguishing the
OTA performance of different NTN DTS DUTs.

The primary objective of this work is to investigate
key FoMs for OTA testing of NTN DTS handsets, with

a specific focus on satellite coverage multiplicity. To
this end, coverage models are first established for both
LEO and GEO constellations. Using the latest publicly
available Two-Line Element (TLE) ephemeris data, the
coverage capacity of both the Starlink Direct-to-Cell
(DTC) and China Telecom TianTong-1 constellations,
serving as representative cases, is then quantitatively
evaluated across different target regions. Subsequently,
the recommended OTA testing FoMs for LEO and GEO
constellations are derived through a comparative anal-
ysis of their calculated coverage multiplicity and usage
scenarios against those of the Global Positioning System
(GPS) constellation, whose OTA testing methodologies
and associated OTA FoMs have been rigorously defined
in standard specifications.

II. COVERAGE MULTIPLICITY ANALYSIS
The 3GPP Rel-17 standard enables IoT-NTN and

NR-NTN features for handheld devices connected to
GEO and LEO satellites. Correspondingly, coverage
multiplicity analysis and related coverage models are
established for both LEO and GEO constellations,
respectively. In this analysis, coverage multiplicity is
reflected in N Asset Coverage, which represents the
number of satellites visible simultaneously from an
observation point.

A. LEO mode
The direct connection to LEO satellites has become

the dominant DTS technical mode due to its significant
advantages, including relatively low latency, high data
rates, and better link budget. In this mode, traditional
terrestrial base stations are replaced by LEO satellite
payloads. Challenges including latency issues and sub-
stantial Doppler frequency shift are mitigated by either
the satellite payloads or the ground systems. This archi-
tecture enables existing commercial handsets to access
the NTN without requiring dedicated modules or appli-
cations. Given the vast number of existing mobile termi-
nals, this DTS mode is highly appealing. Representatives
include the Starlink DTC constellation and the AST
Space-Mobile (ASTS) BlueBird Block-1 constellation.
Among them, the Starlink DTC constellation takes a
leading position due to its larger constellation scale and
higher commercial maturity. In February 2025, Starlink
and T-Mobile jointly announced the official launch of the
Starlink DTC satellite service. Starlink plans to further
expand its service scope in 2026, gradually enabling
data, IoT, and voice services. Therefore, the Starlink
DTC constellation is chosen as the representative for the
analysis. As of 1 September 2025, there are a total of
605 Starlink DTC satellites in orbit.

For the LEO mode, coverage multiplicity is one
of the most important performance indicators and is
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thus analyzed here. The simulation period is set to 24
hours, from 04:00:00.000 UTCG on 31 August 2025 to
04:00:00.000 UTCG on 1 September 2025, to ensure
that each satellite achieves orbital recurrence. Publicly
available TLE data for the Starlink DTC and GPS
constellations are used in the Satellite Tool Kit (STK)
to create coverage models for the analysis, respectively.
The analysis grid granularity for the target regions is
set to 1◦ in both latitude and longitude. The calculated
coverage multiplicity over time for US, California, and
Washington, D.C. regions is illustrated in Fig. 1. For
each curve, every data point represents the calculated
maximum, minimum, and average count of simultane-
ously visible satellites across all grid points in the target
region at that given time instance.

In this work, the GPS constellation is analyzed as a
reference, and its coverage multiplicity over time for the
same target regions is calculated and depicted in Fig. 2
for comparison. During the analysis, GPS Block IIF, IIR,
IIR-M, and III satellites are considered, for a total of 31
satellites.

The following observations could be obtained from
the comparison:

(1) For a LEO satellite at an altitude of 500 km, the
visibility duration to a ground user spans a mere
442.64 seconds. This fundamental constraint neces-
sitates frequent inter-satellite handovers to maintain
continuous service, which in turn requires dozens of
satellites to be visible to a user simultaneously over
the upper hemisphere and as evenly distributed as
possible to ensure completely seamless handovers.
The current Starlink DTC constellation is designed
to meet this requirement and can provide 24-hour
continuous coverage over the entire US mainland,
as shown in Fig. 1. Consequently, the coverage mul-
tiplicity is high: for most of the day, the maximum
and minimum values exceed 30 and 20, respec-
tively. The average multiplicity fluctuates around 25,
maintaining a relatively constant margin of approx-
imately 5 from both extremes. This high-density
coverage remains robust at the regional level: for the
California region, the satellite distribution becomes
more uniform. The maximum and minimum values
converge toward the average, which remains nearly
identical to that of the entire US mainland, hovering
around 25. This increased uniformity is due to the
significantly smaller size of the analyzed region.
For the DC region, the coverage multiplicity curve
follows a trend very similar to the averages of the
US and California but exhibits more pronounced
fluctuations.

(2) In contrast, the GPS constellation, residing in
Medium Earth Orbit (MEO), operates with a distinct
coverage profile. Across the entire US mainland,

Fig. 1. Calculated coverage multiplicity over time of
the Starlink DTC constellation for US, California, and
Washington, D.C. regions: (a) US mainland, (b) Califor-
nia region, (c) Washington, D.C. region.

the maximum and minimum coverage multiplicities
are approximately 13 and 9, respectively, with the
average value fluctuating around 11. Despite this
lower density, it demonstrates a similar scaling effect
at the regional level: the California region again
shows a more uniform satellite distribution, where
the maximum and minimum curves converge toward
the average, similar to what is observed in the LEO
scenario. Similarly, the DC region’s coverage multi-
plicity closely follows the averages of the US and
California while exhibiting its own characteristic
fluctuations.

(3) Notably, despite the differences in orbital altitude
and the resulting coverage multiplicity between the
LEO (DTC) and MEO (GPS) constellations, they
share essential system characteristics. Both systems,
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Fig. 2. Calculated coverage multiplicity over time of the
GPS constellation for US, California, and Washington,
D.C. regions: (a) US mainland, (b) California region, (c)
Washington, D.C. region.

as satellite-dependent applications, require more
than 10 concurrently visible satellites distributed as
uniformly as possible across the upper hemisphere to
ensure service stability and reliability. Furthermore,
both operate in highly similar usage scenarios (e.g.,
handheld operation in portrait mode). The common
characteristics and usage scenarios lead to closely
aligned antenna performance requirements for both
DTS and GPS handsets, specifically, a consistent
and well-distributed upper-hemisphere radiation pat-
tern to maximize the capture of visible satellites.
Accordingly, the proposed OTA FoMs should reflect
and distinguish the differences in the capability of
different DUTs in terms of upper-hemisphere radia-
tion pattern uniformity and further satellite capture
capability, i.e., measured coverage multiplicity.

Therefore, the OTA testing methodologies and asso-
ciated FoMs for GPS terminals can serve as a reference,
while the FoMs for OTA testing of LEO handsets can
be derived from those of GPS by comparing their cov-
erage multiplicity. Since GPS terminals do not involve
transmission, the currently required OTA FoMs are lim-
ited to receiver performance metrics, namely TIS and
Upper Hemisphere Isotropic Sensitivity (UHIS). For a
complete sphere measured with N theta intervals and M
phi intervals, both with even angular spacing, they can
be calculated [24]:

T IS ∼=

[
1
2

N

∑
i=0

ωicuti

]−1

, (1)

UHIS ∼=

1
2

N
2 −1

∑
i=0

ω(θi)cuti +
ω(θ N

2
)cut N

2

2

−1

,

(2)

where

cuti =
1
M

M−1

∑
j=0

[
1

EISθ (θi,ϕ j)
+

1
EISϕ(θi,ϕ j)

]
, (3)

is the average for the conical phi cut at each theta angle,
and

θi = i∆θ where ∆θ =
π

N
, (4)

ϕ j = j∆ϕ where ∆ϕ =
2π

M
, (5)

ω(θi) =
ci

N

1−
int(N

2 )

∑
j=1

b j

4 j2 −1
cos(2 jθi)

 , (6)

with

b j =

{
1, j = N/2

2, j < N/2

}
, c j =

{
1, i = 0 or N

2, otherwise

}
. (7)

Here ω(θi) is the theta-dependent weighting function. In
this work, the Clenshaw-Curtis quadrature in equation
(6) is utilized for TIS/UHIS calculations. The standard
TRP measurement grid with 15-degree intervals in both
theta and phi is illustrated in Fig. 3. The samples and
weights for the Clenshaw-Curtis quadrature with the
reference grid configuration (∆θ = 15◦) are illustrated
in Table 1.

Therefore, the TIS and UHIS can be reused for
receiver performance evaluation of LEO DTS handsets,
while the TRP metric can be reused for radiation perfor-
mance evaluation. Furthermore, a new FoM correspond-
ing to the UHIS, namely Upper Hemisphere Radiated
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Fig. 3. Illustration of the standard 15-degree TRP grid as reference.

Table 1: Samples and weights for the Clenshaw-Curtis
quadrature with ∆θ = 15◦

Clenshaw-Curtis quadrature
i θ [deg] Weights
0 0 0.007
1 15 0.0661
2 30 0.1315
3 45 0.1848
4 60 0.227
5 75 0.2527
6 90 0.262
7 105 0.2527
8 120 0.227
9 135 0.1848

10 150 0.1315
11 165 0.0661
12 180 0.007

Power (UHRP), is introduced to characterize the uni-
formity of the upper-hemisphere radiation pattern. The
UHRP metric can be calculated correspondingly as:

UHRP ∼=

1
2

N
2 −1

∑
i=0

ω(θi)cuti +
ω(θ N

2
)cut N

2

2

 , (8)

where

cuti =
1
M

M−1

∑
j=0

[EIRPθ (θi,ϕ j)+EIRPϕ(θi,ϕ j)], (9)

is the average power for the phi cut at each theta angle.

B. GEO mode
Most early NTN deployments focus on using GEO

satellites for fixed broadband and IoT applications, par-
ticularly those that are not delay-sensitive. Operating in
a circular equatorial orbit at an altitude of 35,786 km,

GEO satellites appear stationary to ground observers.
This allows them to provide long-term, stable, and
continuous coverage with a much larger single-satellite
footprint than LEO satellites, making them especially
suitable for scenarios that demand high communication
continuity (e.g., emergency communications in remote
areas). Moreover, establishing an NTN system with
equivalent coverage requires far fewer GEO satellites
than LEO satellites, significantly reducing both deploy-
ment and operational costs. Representative examples
include the Huawei Mate60 Pro and China Telecom
Tianyi Platinum smartphones (using the TianTong-1
satellite), as well as the IsatPhone Pro handset and
Skylo-certified devices (utilizing Inmarsat satellites).
Since the TLE ephemeris data of the TianTong-1 con-
stellation is the only one available to us, it is analyzed as
the representative; however, the proposed analysis and
related conclusions also apply to other GEO constella-
tions. As of 1 September 2025, there are a total of three
TianTong-1 satellites in orbit.

The elevation analysis of the TianTong-1 constella-
tion relative to ground users is performed with the same
simulation period as that of the Starlink DTC. Publicly
available TLE data is used to develop a coverage model
in the STK. The calculated elevation angles over time
for the Beijing and Shenzhen regions are summarized in
Table 2.

It can be seen that the calculated elevation angles
cover the wobble effect, even for GEO satellites that
are supposed to stay stationary. Accordingly, for such
GEO satellites (e.g., the TianTong-1 satellites used as the
representative in this research), the elevation angle from
the observation point varies within a very limited angular
range over a 24-hour period (e.g., with a maximum
variation of less than 6◦).

Given that only three satellites are visible simul-
taneously and a handset can maintain a signaling con-
nection with only one satellite concurrently, users can
easily adjust their device posture to align the DUT or its
antenna toward the serving satellite as much as possible
for better communication performance. Consequently,
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Table 2: Calculated elevation angles over time for the Beijing and Shenzhen regions

Elevation (deg) TianTong-1_1_41725 TianTong-1_2_46916 TianTong-1_3_47321
Min 58.63 57.86 45.96

Shenzhen Max 64.94 61.48 49.63
Mean 61.78 59.68 47.81
Min 38.16 40.96 29.35

Beijing Max 44.45 45.02 33.89
Mean 41.30 42.99 31.62

the key performance metric for GEO handset antennas
should emphasize their EIRP or gain within a specific
angular range of the zenith. This differs from GPS
terminals, which are designed with a uniform upper-
hemisphere pattern to capture as many visible satellites
as possible for better Position Velocity Time (PVT)
precision. Accordingly, it is recommended to adopt
some directional FoMs, such as requiring the Cumula-
tive Distribution Function (CDF) curves, the average, or
the minimum of EIRP or EIS values within a specific
angular range of the zenith to be larger than the limit, to
comprehensively characterize the OTA performance of
GEO terminals.

To sum up, the recommended OTA testing FoMs
are derived through a comparative analysis of their
calculated coverage multiplicity and usage scenarios
with those of GPS, and further separated for LEO and
GEO constellations, respectively. For LEO mode, such
as Starlink DTC in this case, it is reasonable to reuse
TIS and UHIS metrics for receiver performance evalu-
ation, while reusing the TRP metric and introducing a
new FoM named UHRP (corresponding to UHIS) for
radiation performance evaluation. For GEO mode, such
as TianTong-1 in this case, it is suggested to define some
directional FoMs (e.g., requiring the CDF curves, the
average, or the minimum of EIRP and EIS values within
a specific angular range of the zenith to be larger than
the limit) to characterize radiated power and receiver
performance, respectively.

III. CONCLUSION
The objective of this work is to determine key FoMs

for OTA testing of NTN handsets, aiming to better
characterize, distinguish, and rank the OTA performance
of different NTN handsets. During the analysis,
coverage models are first established in the STK, and
the related quantitative coverage multiplicity analyses
are then conducted for GEO and LEO constellations
separately. The recommended OTA testing FoMs are
then derived through a comparative analysis of their
usage scenarios and calculated coverage multiplicity
with those of GPS. Based on the calculated coverage
multiplicity as well as the usage scenarios comparison,
it is recommended to reuse the TIS and UHIS metrics for

receiver performance evaluation of LEO DTS terminals,
while reusing the TRP metric and introducing a new
FoM named UHRP (corresponding to the UHIS) for
their radiation performance evaluation. Meanwhile,
some directional FoMs (e.g., requiring the CDF curves,
the average, or the minimum of EIRP and EIS values
within a specific angular range of the zenith to be larger
than the limit) are proposed for GEO handsets’ OTA
performance evaluation. The recommended FoMs for
OTA testing of NTN DTS handsets are considered to
be a good starting point for related OTA methodology
development.
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Abstract – A two-layer filtering antenna based on a
multi-lobe dipole structure is presented in this paper.
Parasitic substrates and vertical copper elements are
incorporated between the upper and lower substrates,
with impedance matching improved by overcoming the
closed magnetic flux limitation. Filtering performance
is achieved through interaction with semi-circular-
rectangular dual-mode matching structures and verti-
cal metal, the composite structure can generate reverse
current distribution. As a result, high-roll-off radiation
nulls are formed and frequency selectivity is enhanced.
In order to simultaneously enhance out-of-band sup-
pression, high-current etching technology is employed
to reconstruct the current path, etching semi-circular-
rectangular dual-shape composite matching structures
on the radiation patch, thus a significant improvement
in gain stability is achieved. Distributed current control
technology is utilized to decompose the dipole into
multiple lobes, ensuring uniform current distribution and
reducing concentration effects. Etched rectangular holes
in the surrounding electromagnetic shielding isolation
walls help reduce cross-polarization by suppressing sur-
face waves and edge diffraction. The design achieves
an impedance bandwidth exceeding 36%, out-of-band
suppression exceeding 32 dB, a peak gain of 8.9 dBi,
with cross-polarization levels below −30dB and −26dB
in the E- and H-planes, respectively.

Index Terms – Dual-mode impedance matching struc-
tures, electromagnetic shielding isolation wall, filtering
antenna, multi-lobe dipole

I. INTRODUCTION
In recent years, filtering antennas have played a

significant role in wireless communication systems. Fil-
tering characteristic are achieved in traditional filtering
antennas by integrating filters. For instance, Yagi-Uda
antennas incorporate absorbing branches [1] or combine
band-stop filters with grounded resistors [2] to realize
filtering functionality. Moreover, bandpass filters can be
integrated with antennas, such as monopoles coupled
with bandpass filters [3], or antenna systems incorporat-
ing power amplifiers and RF bandpass filters [4]. How-
ever, these designs typically increase the overall dimen-
sions and profile of the antenna. Reference [5] proposed
a compact, low-profile broadband filtering antenna with-
out additional filtering structures. The design uses
inverted Y-shaped branches and quarter-wavelength
impedance matching, achieving over 33.2% impedance
bandwidth and out-of-band suppression of more than
17 dB at low frequencies and 10 dB at high frequencies.
In [6], the antenna consisted of two folded arms and an
extended arm printed on a single-layer substrate. Two
tunable radiation nulls are generated at the edges of the
passband without requiring filtering circuits. Ultimately,
a 15.5% impedance bandwidth and an average gain of
2 dBi are achieved. Nevertheless, the bandwidth and out-
of-band suppression levels of the filtering antennas in [5]
and [6] still require further improvement.

Reference [7] proposed a dual-band filtering
antenna. By incorporating two and four metal–insulator–
metal (MIM) capacitors, the design significantly
enhanced high-frequency out-of-band suppression while
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achieving a 2.3% bandwidth, over 20dB upper stop-
band suppression, and cross-polarization levels below
−15 dB. In [8], a single-layer filtering patch antenna
was introduced, featuring a rectangular patch embedded
in a ring patch, operating in the higher-order TM12
mode. It achieved a 6.9% impedance bandwidth, 9.0 dBi
peak gain, over 16 dB out-of-band suppression, and
cross-polarization below −20 dB. Reference [9] intro-
duced a broadband filtering antenna using substrate inte-
grated suspended line (SISL) technology with a double-
headed structure and open-stub design. It achieved a
32.9% impedance bandwidth, over 15.5 dB out-of-
band suppression, and cross-polarization below −20 dB.
Reference [10] presents an improved defected ground
slot antenna with a 114% ultra-wideband impedance
bandwidth, but the passband stability is weak, and the
out-of-band suppression is inadequate. Reference [11]
introduces a 5G filtering antenna combining U-shaped
resonators and a Γ-shaped antenna. It achieves less than
−24 dBi out-of-band gain and good suppression, but the
peak gain is 3.056 dBi with an 8% impedance band-
width, indicating that improvements are still necessary.
In [12], a magnetoelectric dipole filtering antenna is
proposed. By utilizing the magnetoelectric (ME) dipole
antenna’s radiation null characteristics, traditional meth-
ods are enhanced, with the integration of vertical para-
sitic metal planes and T-shaped shorted lines, a 49.4%
impedance bandwidth is achieved, along with over
16.6 dB of low-frequency out-of-band suppression and
more than 26 dB of high-frequency stopband suppres-
sion. However, despite these significant breakthroughs,
existing designs still face some challenges, such as
antenna size and complex manufacturing processes. The
issue of simultaneously achieving high radiation per-
formance and wide-frequency high gain remains unre-
solved, so further research and improvements are needed
in filtering antenna.

In order to achieve high radiation performance
while improving out-of-band suppression levels, strong
current coupling control technology is applied in this
study. The radiation dipoles are decomposed into mul-
tiple sub-lobes. This decomposition establishes a strong
current distribution pattern and significantly improves
out-of-band suppression. The isolation wall reduces
the cross-polarization level, optimizing the radiation
performance. Furthermore, isolation walls improve the
out-of-band suppression level of the filtering antenna
while maintaining good radiation performance. The fil-
tering antenna achieves over 36% impedance bandwidth,
8.9 dBi peak gain, with cross-polarization levels below
−30 dB and −26 dB in the E- and H-planes, respec-
tively. In addition, the out-of-band suppression levels at
both ends of the passband are below 32 dB and 33 dB,
respectively.

(a)

(b)

(c)

Fig. 1. The configuration of the proposed antenna. (a)
3D perspective, (b) Top view, (c) Side view.

Table 1: Dimensional parameters for the antenna (Unit:
mm)

a b l1 l2 l3 l4 l5
50 46.6 12 14.6 16 3 3.5
w w1 w2 w3 w4 w5 l6
1 0.25 2 1.1 2.6 1 25
l7 c R r1 d d1 d2
18 16.6 21 14.2 11.5 1 0.87
d3 d4 r2 β h h1 h2
2.7 6 2.6 30 8.3 6 3.7

II. ANTENNA DESIGN AND
OPTIMIZATION

A. Antenna configuration
As illustrated in Fig. 1, the antenna adopts Rogers

4035 with a thickness of 0.254 mm for both upper
and lower substrates, vertical parasitic plates, and sur-
rounding isolation walls, with two copper blocks of
0.34 mm thickness placed between the parasitic plates.
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The antenna adopts a coupled feeding method, fea-
turing a Y-shaped broadband feeding network on the
substrate bottom plane with multi-branch configuration.
The semicircular radiating dipoles on the upper substrate
are split into several radiating lobes. Two semi-circular-
rectangular dual-mode coupling structures are located
between the two dipoles. The dimensional parameters of
the antenna are summarized in Table 1.

(a) (b) (c)

(d) (e)

Fig. 2. (a) Magnetic Field, Electric Field and Current
Field of Ant. 1, (b) Ant. 2, (c) Ant. 3 at 5.5Hz, (d) S11,
(e) Realized gain.

B. Antenna design procedure
As can be seen from Fig. 2 (a), a classic three-

layer configuration is adopted in Ant.1, composed of a
substrate, patch, and supporting metal block. The cur-
rent exhibits a multidirectional distribution. According
to the Maxwell-Ampere law, when the current den-
sity J is spatially dispersed with inconsistent direc-
tions, it generates weak and scattered magnetic field
H in specific areas. The reverse current causes the
magnetic field components to cancel out, as shown in
Ant.1 in Fig. 2. Ampere’s circuital law indicates that
curved current fields produce closed magnetic flux lines.

The independence of current distribution reduces the
effective value of loop integration, and the dispersed
magnetic field prevents radiation energy from being
concentrated. Combining the Poynting vector formula
S = 1

2 Re[Ẽ × H̃∗], Prad =
∫

S S · dA and gain equation
G = 4π

Prad
Pin

, when the input power remains constant, the
instability of the electric and magnetic fields reduces the
Poynting vector, resulting in a decrease in bandwidth
gain, which causes very low gain across the frequency
band and the absence of distinct radiation nulls. To
address the performance limitations of Ant.1 and miti-
gate the effects of closed magnetic flux lines, magnetic
flux control technology is employed. Vertical parasitic
plates are added to the metal block, and rectangular
slots are etched into the upper semicircular radiating
patch, thereby expanding the radiation coverage. Simul-
taneously, a dual-mode coupled impedance matching
structure is introduced around the slots using reverse
current guidance technology. At 5.5 GHz, the magnetic
field of antenna shows a tendency to break the closed
magnetic flux lines and converge towards the radiation
center of antenna, significantly improving the coupling
effect of the antenna. As evident from Fig. 2 (e), the gain
passband improved by over 6 dBi compared to Ant.1.

In addition, by concentrating the current and cou-
pling the magnetic field, the dipole is etched into six 30◦

lobes, and an electromagnetic shielding isolation wall is
added, as shown in Fig. 2 (c), resulting in a bandwidth
greater than 36%, a peak gain of 8.9 dBi, and out-of-
band suppression levels exceeding 32 dBi and 33 dBi.

C. Analysis of dual-mode coupling
To optimize antenna coupling modes, this study

leverages current vector distribution. As shown in
Fig. 3 (a), the radiation patch of Ant A features a
rectangular monopole shape, where the currents flow
without concentration or directionality. This results
in a dispersed current pattern that fails to effectively
focus the radiation, leading to insufficient out-of-
band suppression, as demonstrated in Fig. 3 (c).
Ant B adopts a rectangular-rectangular monopole
composite impedance matching coupling structure, the
current on the coupling element shows obvious reverse
concentration and dispersion trends, a stronger radiation
direction is formed, where the main radiation wave of
antenna is concentrated within a relatively narrow range,
significantly enhancing out-of-band suppression. Ant C
further implements semi-circular-rectangular dual-mode
aggregated coupling, with strong current distributed
around the coupling element. With concentrated flow
paths, the strong current distribution is enhanced,
leading to a further reduction in high-frequency out-
of-band suppression.
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(a)

(b) (c)

Fig. 3. (a) The effect of different coupling forms on the
antenna current at 5.5 GHz, (b) S11, (c) Realized Gain.

D. Transition from dipole to multi-lobe pattern

The study adopts a multi-lobe capacitive coupling
strong current path topology reconstruction technology,
which transforms irregular weak currents into regular
and uniform strong current paths. As shown in Fig. 4 (a),
when the semicircular radiation patch is without a slot,
the antenna current is primarily concentrated around
the edges of the dipole patch with weak intensity,
resulting in radiation energy being dispersed. Thus, both
the impedance bandwidth and out-of-band suppression
are suboptimal. In the 45◦ lobe configuration, dipoles
are mainly concentrated on the lobe radiating patch
adjacent to the dual-mode coupling structure, the current
gathers on these segments while enhancing the radiation
intensity, leading to significant improvements in both
impedance bandwidth and out-of-band suppression at
low frequency. When the lobe angle is 30◦, strong
currents are primarily distributed on the first and second
30◦ lobe structures, which enhances the radiation effect
in the main radiating region, impedance bandwidth is
broadened and out-of-band suppression levels in the
high-frequency range are improved. From the 3D gain
patterns in Fig. 4 (a), compared to the 30◦ and 45◦

lobe configurations, when the lobe angle is 0◦, the
overall radiation performance of the antenna does not
meet expectations, particularly in terms of the back lobe
characteristics in the far-field radiation pattern, where
significant deficiencies exist. In contrast, the 30◦ and 45◦

lobes demonstrate uniform radiation, with the 30◦ lobe
configuration providing a wider and stronger radiation
coverage area, as shown by the 3D gain in Fig. 4 (a).

(a)

(b) (c)

Fig. 4. (a) The effect of different angle lobe structures
on antenna current distribution and 3D Gain Total at 5.5
GHz, (b) S11, (c) Realized Gain and equivalent circuit.

In the antenna model, the insertion loss is equivalent
to Rad, the parasitic inductance of the intermediate layer
is equivalent to L, the parallel capacitance between the
radiating patch and the ground plane is equivalent to
C, and the gap coupling capacitance between multi-
lobe elements is equivalent to Ccoupling, as illustrated in
Fig. 4 (c). When the patch path is extended, the gap
coupling equivalent capacitance increases. According
to equation (1), since the high-frequency resonance
frequencies exhibit strong fringe coupling effects, the
increase in inductance leads to a decrease in the resonant
frequency. In summary, by altering the distribution path
of the current, the current concentration area is opti-
mized. The dipoles of the antenna are divided into lobes,
the radiation directionality and out-of-band suppression
performance are optimized and the current distribution
is optimized by controlling the lobe angle.

f =
1

2π
√

L(C+Ccoupling)
. (1)

E. Generation of radiation nulls and analysis of iso-
lation walls

To analyze the generation of radiation nulls and
the role of the isolation walls of antenna, the current
distribution vector diagrams at the null frequencies are
shown in Fig. 5. From Fig. 5 (a), it can be observed that
at frequencies of 4.3 GHz and 8.1 GHz, the dual-mode
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coupling and the copper structure exhibit symmetrical
and oppositely directed current distributions. The can-
cellation of the magnetic fields leads to radiation nulls
on both sides of the passband. As illustrated in Fig. 5 (b),
after the introduction of the isolation walls, the elec-
tromagnetic shielding effect significantly reduces the
spread of electric fields and currents. The increased
current density enhances polarization consistency, con-
centrates the radiation pattern, and cross-polarization
levels are reduced, as demonstrated in Fig. 5 (c) and
Fig. 5 (d). Therefore, the addition of isolation walls can
suppress the diffusion of electric fields in ineffective
directions, reducing radiation dispersion. This concen-
trates the electric field energy in specific regions, radia-
tion directivity is improved and out-of-band suppression
performance is enhanced.

(a) (b)

(c) (d)

Fig. 5. (a) Current vector distribution of the dual-mode
dipole and copper structures at frequencies of 4.3GHz
and 8.1GHz, (b) The effect of with and without isolation
wall on the electric field distribution at 5.5 GHz, (c)-(d)
The effect of the isolation wall on the cross-polarization
in both the E plane and H plane at 5.5 GHz.

III. PARAMETRIC ANALYSIS
In order to better assess the overall performance of

the antenna, the parameters in Fig. 6 reveal the impact
of key parameters on antenna performance. At low
frequencies, the current flows along the expanded path
of the main radiating structure. Increasing the radius of
the coupling element extends the antenna’s equivalent
electrical length, which leads to a reduction in low-
frequency resonance, while leaving high-frequency cur-
rents unaffected. The branch of the feeding network l5 is
only 3.5 mm, much smaller than the quarter wavelength
at low-frequency resonance. Therefore, adjusting the

(a) (b)

(c) (d)

Fig. 6. The effect of different parameters on the left and
right resonance frequencies: (a) r1, (b) l5, (c) c, (d) l6.

branch length shifts the high-frequency resonance with-
out affecting the low- and mid-frequency points.

When the length c of the parasitic element increases,
all resonance points in the S-parameters shift toward
higher frequencies. However, as c continues to increase,
the resonance peak value first decreases and then
increases, while minimum value of the high-frequency
resonance first decreases, then returns to its original
state. When increasing the rectangular element length
l6 in the dual-mode structure, all resonance points shift
toward lower frequencies, with the low-frequency res-
onance point first decreasing and then increasing. In
summary, the resonance frequency and impedance band-
width of antenna can be effectively tuned by adjusting
parameters r2, l5, c , and l6. The optimal performance
occurs when r2 = 2.4 mm, l5 = 3 mm, c = 16.6 mm, and
l6 = 25 mm and the impedance bandwidth of antenna
reaches over 36%.

Since radiation nulls are a crucial feature of filtering
antennas, this study conducts a comparative analysis of
key parameters that influence radiation nulls, as shown
in Fig. 7. The parasitic elements and radiating patches
on the upper substrate are the primary radiating struc-
tures contributing to this effect. Therefore, changes in
their shape, size, and layout play a dominant role in
determining the position and number of radiation nulls.
As shown in Figs. 7 (a–b), by adjusting the length of
the parasitic elements, the petal angles of the multi-
lobe dipole can be used to regulate the low-frequency
and high-frequency radiation nulls, respectively. Fur-
thermore, the radius of the semicircle on the upper patch
and in the dual-shape coupler can be used to adjust
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(a) (b)

(c) (d)

Fig. 7. The effect of different parameters on the radiation
zero points: (a) c, (b) β , (c) r1, (d) r2.

radiation nulls position on both sides of the passband.
When increasing r1 and r2, combined with equation (1),
the increased electrical length shifts both high- and low-
frequency radiation nulls toward lower frequencies, as
demonstrated in Figs. 7 (c–d). Therefore, by adjusting
these parameters properly, the distribution of radiation
nulls within the operating frequency band of antenna
can be controlled effectively. This also further enhances
the out-of-band suppression and radiation directional-
ity, thereby improving the overall performance of the
antenna.

IV. RESULTS AND DISCUSSION
To validate the feasibility of the experimental

results, the antenna is fabricated and tested to validate its
performance. The simulation and measurement results
are shown in Fig. 8. The insertion loss remains stable
within the 5–7 GHz operating frequency range. The
measured gain peak reaches 9.5 dBi, with a deviation
of less than 0.6 dBi from the simulation results, vali-
dating the accuracy of the model. The overall radiation
efficiency is consistently maintained above 90%, with
particularly high efficiency between 5–7 GHz. However,
the processing tolerance of the dielectric substrate and
manufacturing error in the coupling capacitance cause
a slight shift in the resonant point. The impedance
bandwidth is still consistent with the simulation. These
results show the high degree of agreement between the
measured and simulated data.

To better understand the distribution characteristics
of the radiation and reception capability of antenna in
electromagnetic waves, Fig. 9 presents the comparative
radiation patterns in both the yoz-plane and xoy-plane,

(a)

(b)

Fig. 8. (a) Testing environment of proposed antenna, (b)
Comparison of simulated and measured results.

(a)

(b)

(c)

Fig. 9. Simulated and measured radiation patterns of the
antenna at different frequencies: (a) at 5 GHz, (b) at
5.5 GHz, (c) at 6.9 GHz.
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showing a strong agreement between the measured
data and the simulated data in the same polarization
direction. At 5 GHz and 5.5 GHz, the main polar-
ization outperforms cross-polarization by 35 dB and
30 dB, respectively. The cross-polarization in the yoz-
plane stays below −30 dB. At 6.9 GHz, the main
and cross-polarization difference slightly decreases. The
front-to-back ratio exceeds 13 dB at the high-frequency
resonant point, showing stable and favorable radiation
performance overall. At 5 GHz and 5.5 GHz, the main
polarization outperforms cross-polarization by 35 dB
and 30 dB, respectively. The cross-polarization in the
yoz-plane stays below −30 dB. At 6.9 GHz, the main
and cross-polarization difference slightly decreases. The
front-to-back ratio exceeds 13 dB at the high-frequency
resonant point, showing stable and favorable radiation
performance overall.

Table 2 provides a detailed comparison of the per-
formance of the proposed antenna with other antennas
in similar frequency bands. The comparison data shows
that the antenna designed in this study exhibits signifi-
cant advantages in multiple key performance metrics.

In terms of operating bandwidth, the antenna
demonstrates a impedance bandwidth from 4.92 GHz to
7.10 GHz. In comparison to all the references in Table 2,
this antenna employs current-control technology and
isolation wall electromagnetic shielding technology,
resulting in higher out-of-band suppression and lower
cross-polarization. In contrast to references [14, 15, 17],
and [19], the proposed antenna demonstrates a more
stable high gain.

Table 2: Comparison of the designed antenna with
similar-band antennas from other literature
Ref. Freq BW Gain OOBS x-pol

(GHz) (%) (dBi) (dB) E/H (dBi)
[13] 2.29–2.69 16.10 9.60 >15 −25/−20

>17
[14] 1.11–1.39 22.40 4.50 >13 −18/−19

>12
[15] 9.80–10.20 4.00 8.50 >12 −25/−25

>13
[16] 3.19–3.85 18.80 9.50 >7 −20/−18

>9
[17] 4.45–5.52 21.50 4.80 >16 −20/−16

>19
[18] 3.28–3.79 14.40 11.14 >18 −22/−21

>18
[19] 8.50–10.00 16.20 8.50 >12 −20/−20

>19
[20] 4.28–5.34 22.04 10.40 >15 −22/−20

>16
This work 7.92–7.10 36.30 8.90 >32 −30/−26

>33
BW represents bandwidth, OOBS represents out-of-band
suppression, x-pol represents cross-pol.

V. CONCLUSION
A double-layered filtering antenna based on a multi-

lobe dipole structure is proposed in this study. A
symmetrical upper-lower dielectric substrate configura-
tion with integrated parasitic elements is featured in
the antenna, combined with a distinctive semi-circular-
rectangular composite impedance matching structure.
The radiating dipole is decomposed into multiple
monopoles through distributed current control technol-
ogy. An electromagnetic shielding wall with etched rect-
angular apertures is incorporated, significantly improv-
ing the radiation performance of the antenna. The test
results show that the antenna performs well in the
5.5 GHz frequency band, with an impedance bandwidth
of 36%, a peak gain of 8.9 dBi, cross-polarization
levels in the E-plane and H-plane below −30 dB and
−26 dB, respectively, and an out-of-band suppression
level greater than 32 dB.
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